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Miniature High-Q Double-Spiral
Slot-Line Resonator Filters

Reza Azadegan, Student Member, IEEE, and Kamal Sarabandi, Fellow, IEEE

Abstract—A new class of low insertion-loss miniaturized filters
using slot-line resonators is proposed. Miniaturization is achieved
by terminating the slot line with a double-spiral inductive termina-
tion at both ends. Using this miniaturized resonator, both positive
and negative couplings may be realized, and therefore, both stan-
dard coupled-line and cross-coupled quasi-elliptic filters are realiz-
able. The unloaded of these slot-line filters is considerably higher
than that of miniaturized microstrip filters of comparable dimen-
sions due to the inherent higher of the slot line. To demonstrate
the validity of the design procedures and the performance charac-
teristics, two different types of filters were fabricated and tested.
One is a four-pole Chebyshev filter and the other is a quasi-elliptic
filter where, in each case, the full-wave simulations show very good
agreement with measurements.

Index Terms—Microstrip filters, microwave filters, miniaturized
filters, quasi-elliptic filters, slot-line filters.

I. INTRODUCTION

MOBILE wireless systems of various kinds have been the
driving force behind substantial research efforts toward

miniaturizing RF front ends. High- low insertion-loss minia-
turized filters are important requirements. A few approaches in
the literature address filter miniaturization, among which are
the use of lumped-element filters, high temperature supercon-
ducting (HTS) filters, bulk acoustic-wave (BAW) filters, and
slow-wave distributed resonator filters [1]–[4].

Lumped-element filters can be made very small at lower fre-
quencies. At higher frequencies, however, their extremely small
size may result in high insertion loss and possibly low power-
handling capacity. To cope with the insertion-loss problem, HTS
filters have been proposed. BAW filters also have exceptionally
small size and quite good performance, but may be extremely
expensive to develop for any new application. These two classes
of filters are not further considered in this paper, the subject of
which is to introduce a new type of high- coiled slot-line res-
onator with comparison to the microstrip. On the other hand,
conventional distributed element filters using coupled transmis-
sion-line resonators exhibit superior performance, but are fre-
quently too large.

In order to reach a compromise between size and per-
formance, some compact architectures have been proposed.
The size reduction of ordinary microstrip line resonators, for

Manuscript received December 1, 2003.
The authors are with the Radiation Laboratory, Department of Electrical

Engineering and Computer Science, The University of Michigan at Ann
Arbor, Ann Arbor, MI 48109-2122 USA (e-mail: azadegan@eecs.umich.edu;
saraband@eecs.umich.edu).

Digital Object Identifier 10.1109/TMTT.2004.827044

example, was made possible first by employing microstrip
stepped-impedance resonators (SIRs) [5], [6] and then by
using hairpin-line resonators [7]. A more compact hairpin
filter using split-ring resonators with parallel coupled lines was
later proposed [8]. This resonator is a capacitively end-loaded
hairpin resonator where the loading is implemented by dis-
tributed coupled lines. The loaded hairpin resonator, together
with the SIR, resulted in an improved hairpin resonator [9].
Incorporating dissimilar resonators in filter designs has also
been reported [9].

Another form of resonator, which is similar to the above
hairpin resonators, utilizes square open loops [10]. To further
reduce size, the open-loop structure can be modified by intro-
ducing a narrow capacitive gap at the open end of the loop [11].
The same authors suggested an aperture coupled two-layer
filter design using the same type of resonator [12]. Using the
two sides of the substrate provides additional miniaturization.
In both loaded open-loop and loaded hairpin resonators, electric
and magnetic coupling can be implemented, which allows for
the flexible design of many structures, such as quasi-elliptic
filters.

Slot lines and coplanar waveguides (CPWs) are other impor-
tant configurations for the realization of resonators and filters.
In the early 1970s, slot transmission lines were shown to be
a practical configuration for the realization of microwave fil-
ters and couplers [13], but more attention has been devoted to
CPW filters [14]–[16]. Also known as uniplanar configurations,
slot and CPWs are fundamental to many microwave and mil-
limeter-wave integrated circuits [17], [18]. With regard to CPW
filter miniaturization, the use of quarter-wave transmission-line
resonators, e.g., a CPW hairpin resonator [19], meandered
superconducting CPW filters [20], double-surface CPW filters
[21], and air-bridge capacitive loadings have been proposed.
Additionally, the periodic loading of CPW lines has been sug-
gested to construct a slow-wave transmission line and has been
used in the fabrication of a miniature low-pass filter [22].

In contrast, the literature concerning the use of slot lines for
filter design and filter miniaturization is rather sparse [23]. The

of slot-line resonators is higher than that of microstrip res-
onators of similar dimensions due to the fact that the stored en-
ergy in the resonator is confined within a larger volume and that
the electric current flows over a wider area, which translates into
lower ohmic losses. Actually, slot lines are comparable to sus-
pended substrate strip lines, which also have higher than mi-
crostrips due to the larger volume occupied by the stored energy.

In this paper, new filter architectures based on a miniaturized
slot line with double-spiral inductive terminations are proposed.

0018-9480/04$20.00 © 2004 IEEE
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Fig. 1. Proposed miniaturized resonator capacitively coupled at 400 MHz with
asymmetric end loadings.

Both electric and magnetic couplings are achievable by appro-
priate geometric layout of the miniaturized resonators, enabling
quasi-elliptic filters to be designed.

II. MINIATURIZED SLOT-LINE RESONATOR TOPOLOGY

Recently, the authors proposed a highly efficient miniatur-
ized slot antenna using a resonant slot-line geometry [24]. Com-
paring this slot antenna with its complementary printed strip
counterpart shows a considerable increase in the antenna effi-
ciency mainly due to lower ohmic losses [25]. Thus, miniatur-
ized slot-line resonators may be expected to exhibit higher
than their microstrip versions.

Fig. 1 shows the geometry of the miniaturized slot-line res-
onator with double-spiral inductive terminations. The very com-
pact inductive end loading is realized by coiled shorted slot
lines, each with a length smaller than a quarter-wavelength.
This resonator exhibits a superior miniaturization factor and is
capable of generating electric, magnetic, and mixed coupling
mechanisms.

To assess the performance of the miniature slot-line res-
onators, a capacitively coupled miniaturized resonator, as
shown in Fig. 1, was fabricated on a 0.787-mm-thick Duroid
substrate with a dielectric constant of and a loss
tangent of .1 The same substrate is used for the
rest of the designs presented in this paper to give direct compar-
isons. A low-permittivity substrate was used to minimize the
effects of dielectric loading on miniaturization. The resonator
of Fig. 1 is designed to operate at 400 MHz and fits within
a rectangular area with dimensions . The
unloaded can be found using a single-port impedance/admit-
tance measurement technique referred to as the critical-point
method [26]. The unloaded of the miniaturized resonator
at 400 MHz was measured to be , which compares
favorably with the of miniaturized hairpin resonators [8],
while being about an order of magnitude smaller in area.

1RT/Duroid 5880, Adv. Circuit Mat. Div., Rogers Corporation, Chandler, AZ.

TABLE I
EFFECT OF THE SLOT-TO-STRIP WIDTH (s=w) ON THE UNLOADED Q OF

THE MINIATURIZED SLOT-LINE RESONATOR

Fig. 2. Miniaturized slot-line resonator topology with different ratios of
slot-to-strip width (s=w).

Using the relationship [1]

(1)

where is a linear dimension of the resonator, and is a con-
stant defined as a figure-of-merit, a better comparison can be
made between miniature slot-line and microstrip resonators. For
microstrip resonators, is defined as the substrate thickness,
while for the slot resonators, represents the slot width. In-
voking (1), the figure-of-merit constant is found to be

for the miniaturized hairpin resonator [8], and for
the slot-line resonator of Fig. 1.

The ohmic loss of the CPW lines and slot lines is drastically
affected by the width of the slot or, equivalently, the impedance
of the line [13]. At resonance, the electric current distribution
on the ground plane around the slot has a higher concentration
near the edges. By making the slot wider, the peak of the cur-
rent at the edges is reduced, and a smoother current distribution
away from the slot edges is obtained. Lower current distribu-
tion at the edges translates into lower ohmic losses. In order to
obtain the best , for a given resonator, the width of the slot
line may be optimized. Table I compares the unloaded of the
proposed miniaturized resonator topology with a number of dif-
ferent slot-line widths (see Fig. 2). In this study, the overall size
of the resonator is fixed while ( ), i.e., the ratio of the slot
width ( ) to the adjacent metallic strip width ( ), is varied as a
parameter. For the proposed miniaturized double-spiral slot res-
onator, the width of the metallic strips should be approximately
twice the width of the adjacent slots ( ). Fig. 3 shows
an optimized miniaturized resonator at 2.45 GHz with approx-
imately the same size as the previous resonator relative to the
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Fig. 3. Optimized miniature resonator at 2.45 GHz.

wavelength, namely, . The unloaded is found
to be . A comparison of the of this resonator with
that of the scaled version of the resonator in Fig. 1 (shown in
Table I with ) exhibits a considerable improvement
due to the effect of slot-line impedance on reducing the ohmic
losses of the resonator. The figure-of-merit constant for the
optimized miniature resonator with ( ) at 2.4 GHz can
be obtained from (1) as , which is four times higher
than that of a half-wave microstrip resonator.

It is worth mentioning that (1) indicates that the of a given
resonator increases as . However, there is a limitation on the
maximum value of the linear dimension , which is inversely
proportional to frequency. Hence, if one compares resonators
having the maximum possible values of , one can define an
available , which decreases by the square root of frequency.

To measure the radiation loss of the resonator, it was enclosed
in a larger metallic cavity, and its was measured to be

. Therefore, the due to the radiation loss can be obtained
from

(2)

giving . This result indicates that the of the res-
onator is dominated by the ohmic and dielectric losses.

Here, only measurement has been used to identify the quality
factor of the proposed resonators since a numerical estimate of

for the miniaturized resonators does not provide very accurate
results. For example, the finite-element method (FEM) would
require enormous amounts of memory and extremely small cell
sizes due to the very large ratio of fine and coarse features of
the structure. On the other hand, full-wave methods based on
integral equations [method of moments (MoM)] make use of
the Green’s function for multilayer structures of infinite extent.
Hence, ground planes and substrates of finite size cannot be
modeled efficiently. The equivalent magnetic-current method,
however, provides a numerically efficient approach for the simu-
lation of slotted structures. In this approach, the tangential elec-
tric field over the slot is replaced with an equivalent magnetic
current, while the field is assumed to vanish over the ground
plane. This assumption implies that the ground plane is a per-

Fig. 4. Equivalent-circuit model of coupled miniaturized resonators
exhibiting: (a) electric coupling, (b) magnetic coupling, and (c) mixed
coupling.

fect conductor, and therefore, the ohmic loss cannot be mod-
eled in this case. Obviously, the ground plane of the slot-line
resonators under study is neither a perfect conductor, nor is it
extended to infinity. Despite the aforementioned drawbacks of
the integral-equation method, such as [27], it can predict the fre-
quency response of the filters very accurately with the exception
of the insertion loss.

III. DIRECT COUPLED FOUR-POLE FILTER

To demonstrate the versatility of the proposed miniaturized
resonators to design different types of filters, we begin with the
design of direct coupled bandpass filters.

A. Coupling Structures

For the case of capacitively coupled miniaturized slot res-
onators, the resonators have a series equivalent circuit model.
Fig. 4 illustrates the equivalent circuit of two coupled miniatur-
ized resonators exhibiting electric, magnetic, and mixed cou-
plings, all realized by an impedance ( ) inverter.

In order to realize the desired values for the coupling co-
efficients, there are differing coupling configurations. In each
of these configurations, the coupling coefficients may be ex-
tracted using the pole-splitting method [10] in conjunction with
full-wave simulations [27]. Given that and are the frequen-
cies at which the reaches its peak values, the coupling co-
efficients can be obtained from

(3)

In the case of the pure electric or magnetic couplings whose
appropriate circuit models are shown in Fig. 4(a) and (b)

electric coupling
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Fig. 5. Extracted coupling coefficients for a back-to-back coupling
configuration A as a function of the horizontal separation�x for two different
values of vertical offsets �y.

Note that, in the case of electric coupling, the capacitance
to ground of the impedance inverter is formed by the rel-
atively wide ground-plane region of length between the
two resonators shown in Fig. 5. Since the inverter impedance
is , a larger gives a larger , and the in-
verter impedance becomes smaller. Note that the coupling co-
efficient is proportional to in the series representation [28],
which is consistent with the looser coupling requirement as
and increase. Also note that relates only to the inverter
impedance and is unrelated to the mutual capacitance between
the resonators.

Mixed coupling may also be represented by an impedance
invertor, as shown in Fig. 4(c). Since usually and

, the coupling coefficient for the mixed coupling can
be simplified as

(5)

Equation (5) indicates that, for mixed coupling, the electric and
magnetic coupling are out-of-phase and tend to counteract each
other. Examining the mixed coupling more closely, it becomes
clear that, at the frequency of , the two res-
onators in Fig. 4(c) become decoupled, and a zero in the pass-
band is introduced. For dominant electric coupling where

(6)

Likewise, when the magnetic coupling is dominant, the zero
appears below the passband, i.e., .

In order to design the first Chebyshev sample design, two
different coupling configurations are investigated. These con-
figurations are identified according to the mutual orientation
of the two resonators with respect to each other. The first cou-
pling configuration, henceforth referred to as configuration A,
is one in which the resonators are positioned back-to-back, as
shown in Fig. 5. The coupling coefficient ( ) is calculated from
(3) and is plotted as a function of the horizontal distance be-
tween the resonators ( ) for two different values of vertical

Fig. 6. Extracted coupling coefficients for configuration B (face-to-face
arrangement) as a function of horizontal separation�x for two different values
of vertical offsets �y.

Fig. 7. Comparison between dominantly magnetic (configuration A) and
dominantly electric (configuration B) for the same overall coupling coefficient.
(Note the locations of zeros.)

offsets ( ). Fig. 6 shows a face-to-face coupling arrangement
and its calculated coupling coefficients, henceforth referred to
as configuration B.

Since the proposed resonators are very compact and in close
proximity to each other, the coupling mechanism is complex.
The external coupling topology also has a significant effect on
the nature of the couplings, and thus, each case should be studied
separately. Fig. 7 shows the pole-splitting phenomenon in the

responses of the two coupling configurations. The coupling
parameters for configuration A were set to mm and

, and for configuration B, to mm and
mm so as to provide approximately the same coupling value.

The responses shown in Fig. 7 demonstrate that both struc-
tures are coupled through a mixed-coupling mechanism since
there is a zero in the transmission. The locations of the zeros,
however, are different. For configuration A, , and thus,
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Fig. 8. Two different methods for external coupling. (a) Electric coupling.
(b) Magnetic coupling.

magnetic coupling is dominant. For configuration B, ,
indicating that the electric coupling is dominant.

Considering configuration A and recalling the fact that the
electric-field distribution in a resonant slot line is maximum
at the center, electric coupling is maximized when there is no
vertical offset between the two resonators, namely, .
However, it is interesting to note that although the electric cou-
pling decreases as increases, the overall coupling increases
(see Fig. 5). This behavior indicates that magnetic coupling is
dominant and electric coupling counteracts the effect of mag-
netic coupling in this configuration. This behavior is also con-
sistent with the increasing trend of magnetic coupling as
is increased, noting that the electric current linkage (magnetic
coupling) from the first resonator to the second one is increased
by a factor proportional to .

As for configuration B, shown in Fig. 6, two mechanisms give
rise to electric coupling. One is the direct capacitance between
the input and output, and the other arises from the electric cou-
pling between the adjacent coiled slot arms. Both of these elec-
tric coupling components are inversely proportional to distance
( ). Similarly, when increases, these components are re-
duced. Conversely, the electric-current linkage (magnetic cou-
pling) between the two resonators is increased. This argument
confirms the fact that both types of couplings are present, and
since the overall coupling decreases with an increase in , the
magnetic coupling is the one subtracted from the dominant elec-
tric coupling.

B. External Coupling

For the miniaturized slot-line resonator, both electric and
magnetic external couplings can be realized. Fig. 8(a) and (b)
illustrates input and output electric and magnetic couplings,
respectively.

Electric coupling can be controlled by the value of the in-
terdigital capacitor inserted between an input or output CPW

Fig. 9. Photograph and schematic of the miniaturized four-pole Chebyshev
filter at 400 MHz.

line and the slot resonator. By changing the gap size and/or
finger length of the interdigital capacitor, shown in Fig. 8(a),
a wide range of electric external coupling values can be real-
ized. However, note that when the finger length of the capac-
itor is increased, the resonant slot length is increased, and there-
fore, the resonant frequency of the structure shifts downward.
To alleviate the frequency shift, the size of the resonator must
be trimmed in a such a way as to maintain the resonance of the
structure intact, which is why one of the inductive terminations
in Fig. 8(a) is shorter. In the case of magnetic external coupling,
depicted in Fig. 8(b), the length of the CPW coupled line exten-
sion controls the magnitude of the external coupling.

C. Examples

In order to demonstrate the performance of the proposed
miniaturized filters, two examples are considered. In the
first example, a four-pole Chebyshev filter with a fractional
bandwidth of 5% and 0.25-dB ripple at 400 MHz is designed
and shown in Fig. 9. The required coupling coefficients are

and , and the external
coupling is [28]. The prescribed coupling
coefficients can be realized using the design curves of Figs. 5
and 6. For this design, a fixed vertical offset mm
was chosen in order to obtain a more realizable horizontal offset
and also to ensure that nonadjacent resonators do not couple to
each other. The horizontal offsets in the first example are found
to be mm and mm. The
area occupied by this filter is .
As illustrated in Fig. 10, the measured response of the filter
accurately follows the numerical results obtained by a full wave
MoM simulation [27].

A frequency shift of less than 0.5% occurs, which can be
attributed to the finite size of the ground plane, noting that,
in the MoM simulation, an infinite ground plane is assumed.
The minimum measured insertion loss for this filter is approxi-
mately 1.7 dB, corresponding to a of 240. Note that the
of a miniature microstrip filter of comparable dimensions is less
than 70.

The next example considers an inductive mechanism for the
external coupling of a four-pole Chebyshev bandpass filter with
3% bandwidth. For this example, an inline resonator design
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Fig. 10. Comparison between the simulated and measured S-parameters of
the filter in Fig. 9.

Fig. 11. Layout of a four-pole miniaturized filter with inline resonators at
400 MHz, as well as the comparison between its simulated and measured
S-parameters.

( ) is used to further reduce the area occupied by the
filter. In configuration B, electric coupling is dominant, which
produces an excess coupling coefficient. If a short slot line is
inserted between two face-to-face resonators, electric coupling
can be reduced considerably, and therefore, a much smaller
is needed to achieve the prescribed coupling coefficient. Fig. 11
shows the designed filter in which configuration B is modified
for further compactness.

The dimensions of this filter are .
The comparison between the measured and simulated responses
is illustrated in Fig. 11. In this example, an insertion loss of

3.7 dB is achieved, which corresponds to the of 220. Obvi-
ously, due to the modification to coupling configuration B, the
zero associated with the mixed coupling now becomes closer
to the passband ( ) and enhances the rejection in the
upper band. This observed zero in the rejection band arises from
a mechanism different from that of normal quasi-elliptical filters

Fig. 12. Schematic of a low-pass prototype quasi-elliptic filter with series
elements.

where the passband zeros are the results of the cancellation of
multipath signals through different resonators.

IV. CROSS-COUPLED MINIATURE FILTERS

In the RF front end of many wireless devices, quasi-elliptic
filters are commonly used because of their compactness and
high selectivity. The enhanced out-of-band rejection of elliptic
filters is due to the presence of zeros in the filter transfer function
created by cross-couplings [29]–[31]. Here, the synthesis of a
lumped-element low-pass prototype of a four-pole quasi-elliptic
filter is demonstrated, and then, the required coupling coeffi-
cients and external couplings are extracted. Different coupling
architectures appropriate for the proposed resonator and suitable
for realizing the required coupling coefficients, including nega-
tive values, will be investigated. Following a procedure similar
to the one used in Section III, a typical four-pole cross-coupled
filter is designed, fabricated, and tested.

Fig. 12 shows a low-pass prototype for a four-pole cross-cou-
pled filter with series elements. In the above, represents
source and load normalized impedances, and the remaining four
unknowns are found following a synthesis procedure outlined in
[30].

For the following design example, a filter with a fractional
bandwidth of and passband ripple of 0.1 dB is con-
sidered. The transmission zero parameter is also set to

, which implies the occurrence of two transmission zeros at
. Thus, prototype elements in Fig. 12 are cal-

culated to be , , , and
. The corresponding coupling coefficients and ex-

ternal coupling can, therefore, be obtained as

(7)

A few coupling configurations can be employed to realize the
required coupling coefficients. Two such coupling structures,
namely, configurations A and B, were discussed in Section III.
Fig. 13 shows the coupling coefficients of configuration A, com-
puted at 2.4 GHz, as a function of resonator separation when
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Fig. 13. Extracted coupling coefficients for configuration A as a function of
resonator separation�x for different values of vertical offsets�y at 2.4 GHz.

Fig. 14. Topology of the modified coupling configuration B and the effect of
the width of slot incision (w) in the type and magnitude of coupling for the case
of h = 8 mm.

the vertical offset denoted by is varied as a parameter. The
nature of this coupling is, again, a dominantly magnetic mixed
coupling.

A variation of configuration B, in which a short slot line is
incised between the two resonators, was used in the second ex-
ample of Section III. In Fig. 7, it was shown that, in configura-
tion B, electric coupling is dominant. To reduce the coupling co-
efficient without increasing the distance between the resonators,
a slot incision is again introduced between the two resonators, as
illustrated in Fig. 14. This figure also shows the pole splitting in
the transfer function with the incision width as a free param-
eter. In these simulations the length of the incision is mm.
As the width of the incision increases, the electric coupling be-
tween the resonators decreases, and therefore, the net coupling
is reduced. In Fig. 14, when mm, a null appears approxi-
mately at the center frequency , which implies that the
electric and magnetic coupling are equal and totally cancel each
other. Also as the incision width is increased, the frequency at

Fig. 15. Extracted coupling coefficients for the coupling configuration shown
in Fig. 14 as a function of incision width and height (in millimeters) at 2.4 GHz.

Fig. 16. Extracted coupling coefficients for coupling configuration C as a
function of the horizontal offset between the resonators�x for different values
of vertical distances �y at 2.4 GHz.

which the null occurs falls below the center frequency .
This indicates that the dominant coupling becomes magnetic for
larger values of incision width. Fig. 15 illustrates the coupling
coefficients of the structure shown in Fig. 14 versus the incision
width ( ) when the incision height is varied as a free param-
eter. This structure, which will be referred to as modified con-
figuration B, provides rather small values for electric coupling
(negative coupling) without sacrificing the compactness of the
structure.

Finally, coupling coefficients for configuration C are shown
in Fig. 16 as a function of the horizontal offset ( ) with the
vertical distance used as a parameter.This configuration is
similar to the two previous structures with the exception that the
offset parameters are much larger. This structure exhibits a dom-
inantly magnetic coupling. Defining dominantly magnetic cou-
pling by convention as positive coupling, and electric coupling
as negative coupling, all the coupling coefficients, as required
by (7) to synthesize a quasi-elliptic filter, can be realized.
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Fig. 17. Photograph and schematic layout of a miniaturized quasi-elliptic filter
at 2.4 GHz with dimensions of 0:09� � 0:14� .

Fig. 18. Comparison between the lumped-element prototype, full-wave
simulated, and measured S-parameters of the quasi-elliptic filter of Fig. 17.

Fig. 17 shows the layout and photograph of this filter. This
four-pole filter occupies an area as small as ,
while having an insertion loss of approximately 2.0 dB cor-
responding to the of 180. The of a straight half-wave
microstrip resonator is approximately 170, but becomes much
smaller when coiled. The simulated and measured responses
are illustrated in Fig. 18, where very good agreement between
the measurement and full-wave simulation is observed.

The locations of transmission zeros in the measurement, how-
ever, are not as predicted using the lumped-element prototype
of Fig. 12. The asymmetry observed in the location of the trans-
mission zeros can be attributed to the frequency dependence of
the coupling coefficients [12]. The impedance inverter models,
used in the low-pass prototype, assume a frequency-indepen-
dent coupling, whereas the electric and magnetic couplings are
frequency dependent in nature. In quasi-elliptic filters where
both types of electric and magnetic couplings with opposite fre-
quency dependence are present, the location of transmission

Fig. 19. Lumped-element prototype of a normalized quasi-elliptic bandpass
filter in which the cross-coupling term k is realized by a mixed coupling where
the difference between the two electric and magnetic coupling components is
constant.

Fig. 20. Variation of the location of transmission zeroes of a normalized
quasi-elliptic filter of Fig. 17 for different values of the ratio of the magnetic
component to the electric component of the cross-coupling term � = k =k
given that k = k � k .

zeroes can be shifted considerably. More importantly, in the
proposed miniaturized design, the cross-coupling term, which
controls the transmission zeros, is realized by subtracting two
out-of-phase components of magnetic and electric couplings
having different frequency dependence, resulting in an overall
cross-coupling with a strong frequency dependence.

Fig. 19 shows the equivalent circuit of the normalized filter
shown in Fig. 17, where the cross-coupling is realized by a
dominantly electric mixed coupling. To ensure the proper value
for the cross-coupling according to (7), the difference between
the electric and magnetic has to be equal to , i.e.,

. Let be the ratio of
the magnetic component of the cross-coupling term to its elec-
tric component. Based on this definition, the value of the cross-
coupling elements can be defined as and

. Fig. 20 plots of the equivalent circuit
shown in Fig. 19 for different values of , while keeping the
net magnitude of the cross-coupling constant, namely,
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. As seen in Fig. 20, the location of the transmission
zero shifts when is increased. The increase in , while the
overall cross-coupling term is fixed, indicates that a larger por-
tion of the electric component of the cross-coupling is cancelled
by an out-of-phase magnetic component. Obviously, the proper
cancellation only takes place at the center frequency, but since
the cross-coupling is frequency dependent, the coupling is more
than required at frequencies above the passband and less below
the passband. In order to alleviate the observed asymmetry in
the location of transmission zeros and rejection band ripples,
one might try to reduce , which implies a smaller cancella-
tion of the out-of-phase electric and magnetic couplings while
maintaining the same value of . As mentioned earlier, the
required cross-coupling term needs to be rather small and can
be realized by introducing a mixed electric–magnetic coupling
in which the electric and magnetic couplings cancel each other
out. To reduce the cancellation, and at the same time have the
cross-coupling term remain intact, the absolute value of the
electric coupling should be reduced using via-holes in the slot
incision and/or increasing the vertical offset between the first
and last resonators.

V. CONCLUSIONS

A new class of slot-line resonators for applications in minia-
turized filter design have been demonstrated. The slot-line
resonator offers flexibility of different coupling mechanisms,
which facilitate various compact filter designs. It is shown that
the resonators may be further miniaturized by increasing the
value of inductive loading through increasing the number of
turns in the coiled terminations with a moderate decrease in
the resonator factor. The unloaded is higher than that of
miniaturized microstrip filters of similar volume.

Both electric and magnetic couplings were demonstrated
simply by positioning two such miniaturized resonators in
different arrangements with respect to each other. A straight-
forward method was given to determine whether the coupling
mechanism is magnetic or electric. A full-wave analysis was
used to extract the coupling coefficients used in filter design.

To demonstrate the validity of the approach, three examples
were studied including two four-pole Chebyshev filters, one of
which used a mixed-coupling structure, and a four-pole quasi-
elliptic filter. The agreement between the simulated and mea-
sured responses of these filters was shown to be excellent.

The prototype Chebyshev filters at 400 MHz with fractional
bandwidths of 5% and 3% show insertion loss values of approxi-
mately 1.7 and 3.7 dB, while occupying a very small rectangular
area and , respectively. The
unloaded of these filters is approximately three times greater
than those of their microstrip counterparts.

A four-pole quasi-elliptic filter with at 2.4 GHz was
also fabricated, and its measured response was compared with
numerical simulation. This filter with an improved out-of-band
rejection gives 2-dB insertion loss while occupying a very small
area of approximately . The effect of the fre-
quency-dependent cross-coupling on the quasi-elliptic filter was
also investigated.
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A Multiresonant Single-Element
Wideband Slot Antenna

Nader Behdad, Student Member, IEEE and Kamal Sarabandi, Fellow, IEEE

Abstract—A new technique for designing wideband slot an-
tennas is proposed. In this technique, the aperture’s electric field
distribution is manipulated to create two fictitious short circuits
along the slot, hence creating two additional resonances besides
the main one. The frequencies of these fictitious resonances can
be chosen such that the overall bandwidth of the antenna is
drastically increased. By using this technique, a slot antenna with
a 1.8 : 1 bandwidth ratio is designed and fabricated. The measured
results of this antenna show similar radiation patterns at different
frequencies in its band of operation. Furthermore, the antenna
has a relatively constant gain and more importantly, it has an
excellent polarization purity over the entire bandwidth.

Index Terms—Broadband antennas, printed antennas, slot
antennas.

I. INTRODUCTION

CURRENT advancements in printed antenna technology
have resulted in a variety of different techniques for

designing low profile, cost effective, and highly efficient
wideband antennas. Most of these techniques, deal with
marginal bandwidth improvement of more traditional antennas
such as patch or printed wire antennas [1]. Another class of
antennas that are suitable for miniaturization and have great
reconfigurability potentials without compromising efficiency
are slot antennas. However, not much attention has been paid
to improving the bandwidth of this class of printed antennas.
In this letter, we present a new technique for increasing the
number of resonances and, hence, the bandwidth of a slot
antenna by creating multiple fictitious short circuits along the
slot.

Microstrip-fed wide slot antennas have been theoretically
studied in [2]. Also, experimental investigations on very wide
slot antennas are reported by various authors [3]–[5]. The
drawback of these antennas are twofold: 1) they require a
large area for the slot and a much larger area for the conductor
ground plane around the slot and 2) they usually generate high
cross-polarization levels that change with frequency [3]–[5].
This is mainly because these antennas can support two orthog-
onal modes with close resonant frequencies. The undesirable
excitation of the orthogonal mode can easily occur and result in
the generation of strong cross-polarized radiation. Therefore, it
is important to limit the maximum width of the slot antennas
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under investigation. It has recently been shown that a relatively
wide slot antenna, fed with a narrow microstrip line, can be
designed to show dual-resonance behavior with similar electric
field (magnetic current) distributions at both resonant frequen-
cies [6]. This similarity is critical since it results in similar
radiation patterns and preservation of the desired polarization at
different frequencies over the entire bandwidth of the antenna.
The frequencies of the two resonances can be controlled in the
design process such that the antenna acts as either a dual band
or a broadband radiator [6]. In this letter, we will use the same
concept and modify the microstrip feed to create two fictitious
short circuits along the slot with close enough frequencies
to obtain a much wider bandwidth. By using this technique,
a single-element slot antenna with a bandwidth as high as
1.8 : 1 is designed and fabricated. This antenna shows similar
radiation patterns with very low levels of cross-polarized
radiation over the entire bandwidth. In what follows, first the
design procedure is studied and then the measured results are
presented and discussed.

II. DESIGN PROCEDURE

A relatively wide slot antenna, fed with a narrow microstrip
line near an edge, can be designed to show a dual-resonance
behavior, which can be exploited to obtain a wideband response
[6]. When a relatively wide slot antenna is fed with a narrow
microstrip line, the electric field generated by that part of the
microstrip line over the slot (which does not have a ground
plane), cancels the slot electric field, generated by the return
current of the microstrip-line in the ground plane, at a certain
location near the feed. This creates a fictitious short circuit
along the slot near the microstrip feed and, hence, generates a
fictitious resonance with a frequency, which is slightly higher
than that of the main resonance [6]. The next challenging
step is to examine whether it is possible to create more than
one fictitious short using a similar approach or not. If this
is possible, the bandwidth of the antenna can drastically be
increased by merging these fictitious resonances. In order to
test the validity of this idea, we begin by attempting to place
two fictitious short circuits along the slot, using a two-prong
microstrip feed. It is expected that this structure could present
three distinct resonances at frequencies proportional to the
resonant lengths , , and as shown in Fig. 1. If the
locations of the two feed lines are chosen properly, the three
resonant frequencies will be close and the overall bandwidth
of the antenna can be increased significantly by using an
appropriate feeding network. The location of the microstrip
feeds, and in Fig. 2, determines and and,
hence, the resonant frequencies of the two fictitious resonances.

1536-1225/04$20.00 © 2004 IEEE
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Fig. 1. Schematic of the relatively wide slot antenna and its equivalent resonant lengths.

Fig. 2. Schematic of the broadband slot antenna and its microstrip feed
network.

The feed topology chosen for this antenna (Fig. 2) can be
viewed as a three-port microstrip network that achieves power
division using a microstrip-Tee. In order to obtain a broadband
response, matching is performed by choosing the feed network
parameters, , , , , , , , , , and

(shown in Fig. 2) appropriately. These parameters must
be chosen such that the overall impedance bandwidth of the
antenna is maximized. In order to obtain the optimum values of
these parameters, a combined full-wave and network simulation
technique is used. First, the antenna structure and its narrow
microstrip feed lines (Fig. 1) are simulated as a four port net-
work using a full-wave electromagnetic (EM) simulation tool
[8]. Then the S-parameters of this four-port network are used
in a network simulation and optimization software [9] from
which the optimized values of the feed-network parameters
are obtained. This technique allows for rapid optimization of
the network parameters, but it ignores the coupling effects
that exist between different components of the feed network.
Therefore, a final full-wave simulation of the structure is
performed and the different feed parameters are fine tuned to
obtain a good response. The final schematic of the antenna is
shown in Fig. 2, and the optimized dimensions of the antenna
are given in Table I.

TABLE I
A SUMMARY OF THE PHYSICAL DIMENSIONS OF THE BROADBAND

SINGLE-ELEMENT SLOT ANTENNA. ALL DIMENSIONS ARE IN MILLIMETERS

Fig. 3. Measured VSWR of the broadband slot antenna.

III. MEASUREMENT RESULTS AND DISCUSSION

The proposed antenna is fabricated on a 500- -thick
RO4350B substrate with a dielectric constant of and

of 0.003 with a ground plane size of 11.5 cm 10 cm.
The voltage standing wave ratio (VSWR) of the antenna is
measured using a calibrated vector network analyzer and is
shown in Fig. 3. It is shown that the VSWR of the antenna
remains below 2 over a bandwidth range of 3 to 5.4 GHz. This
corresponds to a 1.8 : 1 impedance bandwidth ratio. However,
in order to determine the overall bandwidth of the antenna,
other radiation parameters such as radiation patterns, gain, and
antenna polarization must also be carefully examined over the
entire frequency band. The radiation patterns of the antenna are
measured at five different frequencies in the anechoic chamber
of the University of Michigan. For brevity, the patterns at only
three frequencies are given in Fig. 4. It is observed that the
radiation patterns at different frequencies are similar, which
is expected from a wideband antenna. More importantly, the
cross-polarization levels are very small for all the measured
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Fig. 4. Radiation patterns of the broadband slot antenna, measured at (a) f = 3 GHz, (b) f = 4 GHz, and (c) f = 5 GHz.

patterns. Specifically, a Co-Pol/Cross-Pol ratio of better than
30 dB is observed at boresight in all of the measured radiation
patterns. The cross-polarization levels at other directions are
also very small, indicating excellent polarization purity.

As can be observed from Fig. 4, the patterns of the antenna
are not the dual of those of an electric dipole. The first difference
is that the patterns in the -plane (unlike the -plane of an
electric dipole) show two nulls at , which are caused
by two different mechanisms. The first mechanism is the
cancellation that occurs at grazing angle as a result of the
phase difference between -fields on the top and bottom of
the ground pland. This phase difference does not exist in the

-plane. Furthermore, the -plane radiation pattern should
inherently show two nulls at as a result of the boundary
condition that forces the tangential component of the electric
field to go to zero. The second reason for having these nulls
is that the slot antenna is covered with a dielectric substrate at
one side. This forces the normal component of the electric field
at grazing angles to go to zero as described in [7]. Another
difference is the minima (instead of nulls) in the -plane
which is a direct result of the radiation from the edges of the
ground plane. The antenna gain is measured in the anechoic
chamber using a standard double ridge horn and is presented

in Fig. 5. It is seen that the gain of the antenna remains
relatively constant over the entire bandwidth. Based on the
measured VSWR, radiation patterns, polarization purity, and
gain of the antenna, the overall bandwidth is determined to
be the same as its impedance bandwidth (1.8 : 1). Preserving
the radiation patterns and excellent polarization purity are
extremely important factors in designing wideband antennas.
Since many of the existing wideband, single-element, printed
antennas achieve wideband operation from different radiation
mechanisms and field distributions at different frequencies,
they cannot easily achieve these two important factors. This
letter presents a very simple way of designing a wideband
printed antenna with excellent radiation parameters over the
entire bandwidth.

IV. CONCLUSION

A new and simple technique for designing wideband slot
antennas is presented. This technique is based on creating
a number of fictitious resonances along the slot with close
frequencies and using them to obtain a wideband overall
response with similar radiation patterns and polarization over
the entire bandwidth of the antenna. This is accomplished
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Fig. 5. Measured gain of the broadband slot antenna. Note that maximum
measured gain in the azimuthal plane is reported.

using a two-prong microstrip feed on a single slot antenna and
is shown to provide a 1.8 : 1 bandwidth as well as very low
cross-polarization levels at different directions and frequencies.

Simplicity of the design process, consistent radiation parame-
ters, and excellent polarization purity make this technique very
attractive for designing wideband printed antennas.
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Bandwidth Enhancement of Miniaturized Slot
Antennas Using Folded, Complementary, and

Self-Complementary Realizations
Reza Azadegan, Student Member, IEEE, and Kamal Sarabandi, Fellow, IEEE

Abstract

Folded and self-complementary structures are considered as two effective approaches to increase the bandwidth
of miniaturized antennas. Using miniaturized folded slot can result in more than 100% increase in the bandwidth as
compared with that of the miniaturized slot antenna. The complimentary pair of the miniaturized folded slot, namely,
the folded printed wire is also discussed in this paper. It will be shown that folded slots have a much higher radiation
efficiency when compared with their complementary folded wire antennas. Another approach for bandwidth improvement
is the implementation of self-complementary topologies to moderate the frequency dependance of the antenna input
impedance. With regard to this approach, a folded self-complementary miniature antenna is studied, where a noticeable
improvement over bandwidth is observed. A miniaturized folded slot, its complementary miniaturized folded printed
wire, as well as their self-complementary realization, are fabricated and tested. These antennas do not need complicated
external matching circuits and can fit into a very small rectangular area with dimensions as small as 0.065λ0 × 0.065λ0.
Experimental and theoretical data shows that the folded structures exhibit bandwidths twice as wide as their ordinary
miniaturized counterparts with similar sizes and gains. The self-complementary version of the folded antenna shows
further increase in the bandwidth. In the efficiency/gain comparison, self-complimentary structures fall between the slot
and printed wires since they consist of equal proportions of the both slot and printed wire. A self-complementary H-
shape antenna is also introduced whereby the required self-complementarity conditions are met at the expense of relaxing
miniaturization, and consequently, a very wide bandwidth is achieved. With yet small dimensions of 0.13λ0 × 0.24λ0, a
very wide bandwidth of (2.3:1) can be obtained. For the case of no dielectric substrate, even wider bandwidth of (3:1)
is achieved.

Keywords

Slot antenna, folded slot, folded dipole, miniaturized antenna, self-complementary antenna.

I. Introduction

WITH recent advances in solid state devices and MEMS technology, realization of high perfor-
mance miniaturized transmit and receive modules have become a reality. These modules,

together with miniaturized sensors and transducers, have found numerous applications in industry,
medicine, and the military. Nevertheless, an ongoing effort is underway to develop new methodologies
for designing efficient miniaturized antennas that can easily be integrated to the rest of electronics and
RF components in such wireless systems. Previous studies have shown that antenna miniaturization
adversely impacts antenna efficiency, bandwidth, and impedance matching [1], [2], [3], [4], [5], [6]. The
focus of these early investigations have mainly been restricted to the establishment of a relation be-
tween antenna size, bandwidth and efficiency. In these studies, a lower bound for the antenna quality
factor (Q) in terms of the radius of the smallest fictitious sphere enclosing the antenna was derived.
This analytical derivation is based on the spherical wave function expansion of the fields radiated
from a small antenna, where the quality factor of the lowest order mode provides a lower bound for
the antenna Q. Apart from introducing an upper bound on small antennas’ bandwidths, the above
literature does not deal with practical design considerations.

In recent years, practical aspects of antenna miniaturization have received significant attention.
Most successful designs, however, rely on the use of high permittivity ceramics which are less desirable
for their high costs and incompatibility with monolithic circuits. Recently, the authors proposed a

The authors are with the Radiation Laboratory, Department of Electrical Engineering and Computer Science, The University
of Michigan, Ann Arbor, MI 48109-2122 USA.
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Fig. 1. The layout and the the simulated input impedance of the miniaturized slot antenna around its resonance.

new class of efficient miniaturized slot antennas which can be easily matched without the need for
external matching networks. The topology of a typical miniaturized slot antenna is shown in Fig. 1
[7]. The miniaturization is achieved by introducing symmetric inductive loading at both ends of a
short radiating slot section to create a voltage discontinuity along a resonant slot-line. An important
advantage of this topology is that the antenna size, depending on the application at hand, can be
chosen almost arbitrarily small at the cost of reduction in bandwidth and efficiency. As an example,
the design of a miniaturized antenna with dimensions as small as 0.05λ0 × 0.05λ0 showing a fairly
high gain of -3 dBi was demonstrated [7]. Resonant antennas in general, and resonant slot antennas
in particular, are inherently narrow band. Obviously, further bandwidth reduction is expected for
miniature slotted structures. Another important issue regarding slot antennas is the ground plane size
and its impact on antenna gain and efficiency. As demonstrated in [7], [8], the gain of the antenna
decreases as the size of ground plane is reduced.

The objectives of this paper are two-fold, namely, enhancing the narrow bandwidth of small antennas,
and mitigating the drawbacks related to the ground plane size. In order to improve the antenna
bandwidth, a miniaturized folded topology is introduced, and its bandwidth is compared with that of
a miniaturized slot antenna with a similar topology [7]. To alleviate ramifications related to the ground
plane size, a complimentary topology is introduced, in which the slot is replaced by a metallic strip
(printed wire), and the ground plane is eliminated. The duality principle between the two antennas,
however, cannot be directly applied because of the presence of the dielectric substrate. To further
improve the bandwidth of these antennas, a folded self-complementary topology comprised of two
half structures of the miniaturized slot and wire antennas is also considered. Finally, we will proceed
with an ultra wide band self-complementary antenna with a moderate miniaturization. Experimental
and analytical analyses are carried out to compare the size, bandwidth, gain, and efficiency of these
antennas.

II. Miniaturized Folded Slot Antenna

The miniaturized slot antenna structure shown in Fig. 1 has a relatively narrow bandwidth. The
radiating slot segment has a length of � = 0.05λ0, which is 10 times smaller than a standard half-wave
resonant slot. Since the physical aperture of this miniature antenna is much smaller than that of a
standard slot antenna, its radiation conductance is much lower than a standard λ/2 slot. The input
impedance of the miniature slot antenna, when fed by a short-circuited microstrip line, is shown to
be about 25K Ω at the resonance (see insert of Fig. 1). In order to match such a high impedance to
a standard transmission line, impedance matching had to be done off resonance, where the reactance



SUBMITTED TO THE IEEE TRANSACTIONS ON ANTENNAS AND PROPAGATION 3

335 336 337 338 339 340
−4

−3

−2

−1

0

1

2

3

4

5

6

Frequency [MHz]

Z
in

 [K
Ω

]

Real
Imag

−40 −20 0 20 40
−40

−20

0

20

40

[mm]

[m
m

]CPW Feed 
CPW feed 

Fig. 2. The layout and the simulated input impedance of the miniaturized folded slot antenna around its resonance.

slope is very high. This high spectral variation of the antenna reactance limits the impedance matching
to only a narrow band. If the radiation conductance of the miniaturized slot antenna can be increased
without a significant increase in the antenna size, impedance matching over a wider bandwidth can be
achieved. Increasing the physical aperture by means of introducing a suitable folded structure seems
to be an appropriate approach, since the antenna aperture readily increases, while the antenna size
can be kept almost the same.

The impedance of a folded dipole antenna is related to that of a dipole antenna by [9]

Zfolded−dipole
in = 4 Zdipole

in (1)

Using Bookers’ relation [10], the input impedance of a resonant slot dipole can be obtained from its
dual and vice versa as

Zfolded−slot
in =

η2

4

1

Zfolded−dipole
in

=
Zslot

in

4
(2)

Equation (2) shows that the input impedance of a folded slot is four times smaller than that of the
standard slot dipole. Thus, the impedance of a miniaturized folded slot is expected to be much closer
to the impedance of standard transmission lines, and thus easier to match.

Figure 2 shows the proposed miniaturized folded slot topology fed by a CPW line. The same figure
shows the simulated input impedance as a function of frequency. Dimensions of the folded prototype
are chosen to be the same as those of the miniaturized antenna in Fig 1. This antenna occupies an
area of 6cm×6cm. The resonant frequency of this folded antenna, however, is slightly higher than that
of the original miniaturized slot. As illustrated, the miniature folded-slot impedance is reduced from
about 25KΩ for the original design to 6 KΩ, which is easier to matched to a 50 Ω line. Moreover, for
the folded antenna, the reactance slope of the input impedance is much lower at the frequency where
the real part of the antenna impedance is 50Ω, indicating the possibility of impedance matching over
a wider frequency band.

Two solutions are available for matching the input impedance of the miniaturized slot antenna to
a 50Ω. One solution is to tune the slot antenna below its resonance where the slot is inductive, using
a capacitive coupling at the feed, and the other one is to inductively feed the slot and tune it slightly
above its resonance. Since the objective is to minimize the antenna size, a capacitively coupled slot
antenna is chosen. Figure 3 shows the proposed miniaturized folded slot antenna capacitively coupled
to a 50 Ω CPW line. An interdigital capacitor is placed in between the feed line and the antenna to
control the amount of coupling between the line and the miniaturized folded slot, in order to achieve
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Fig. 3. Miniaturized folded-slot antenna fed by a capacitively coupled CPW line.
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Fig. 4. Simulated and measured input return loss of the miniaturized folded slot antenna of Fig. 3.

the impedance match. The exact value of this capacitance is determined by modeling the miniaturized
folded slot with an equivalent second-order resonant circuit model. The equivalent circuit parameters
are extracted using a full-wave simulation of the antenna structure similar to what was done for the
original miniaturized slot antenna [7].

A prototype of the miniaturized folded slot antenna shown in Fig. 3 was fabricated on a substrate
with a dielectric constant of εr = 2.2 and a loss tangent of tan δ = 0.0009, and a thickness of 0.787mm
[11]. Then, the input impedance and far-field co- and cross-polarized radiation patterns of this antenna
were simulated and measured. The full-wave simulations were performed using a commercially available
Moment Method package [12]. Figure 4 shows a comparison between the simulated and measured
input return loss values of the antenna depicted in Fig. 3. As the simulation shows, the folded
antenna occupies an area as small as 0.065λ0 × 0.065λ0 and is perfectly matched at 336.1 MHz. This
frequency is lower than the resonant frequency of the folded slot structure (337.7 MHz) shown in Fig.
2 because of the insertion of the interdigitated matching capacitance. There is also a 1% shift in the
measured resonant frequency of the antenna compared to the results obtained from the simulation.
This discrepancy can be attributed to the finite size of the ground-plane, numerical errors, and the
exclusion of the ohmic loss of the ground plane.

For slot-line structures, equivalent magnetic currents are usually used to facilitate efficient imple-
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Fig. 5. Measured radiation pattern of the miniaturized folded slot antenna for E- and H- principle planes.

mentation of the Method of Moment solution. In this approach, the tangential electric field over the
slot is replaced with an equivalent magnetic current, while the field is assumed to vanish over an infinite
ground plane. This assumption implies that the ground plane is modeled by a perfect conductor, and
therefore, the ohmic loss cannot be accounted for in this case. In reality, the ground plane of the slot-
line structure has finite conductivity and finite size, which leads to the observed discrepancies between
the simulation and the measured results. Whereas the finiteness of the ground plane is responsible for
the observed disagreement between the measured and simulated antenna center frequency, exclusion
of ohmic losses of the ground plane from simulation is responsible for the observed discrepancy in the
-10 dB return loss bandwidth of the miniaturized folded slot (see Fig. 4).

To demonstrate the bandwidth enhancement of the miniaturized folded-slot compared to the original
miniaturized antenna, both simulated and measured near-field and far-field characteristics of these
antennas are summarized in Table I. Table I clearly shows an increase in the -10 dB return-loss
bandwidth of the folded slot antenna over the original antenna from 0.34% to 0.93%. The gains of
these antennas were measured against a standard half wavelength dipole antenna. The gain of the
folded and original miniaturized slot antennas were, respectively, measured to be -2.7 dBi and -3.0 dBi.
The measured values of the gains are lower than the simulated results. This again can be attributed
to the the ohmic loss and finite size of the ground plane which have not been accounted for in the
simulation.

Finally, the E-plane and H-plane radiation patterns of the miniaturized folded-slot antenna were
measured in the anechoic chamber of the University of Michigan and are shown in Fig. 5. For the
E-plane pattern, Eθ(θ) was measured in the φ = 0◦ plane. The measurement of Eφ(θ) in the φ = 90◦

plane provides the H-plane pattern of the antenna. In theory, a null should exist in the H-plane
pattern of an infinitesimal folded-slot, since the ground plane forces the tangential electric field of
Eφ(θ = 90◦) = 0 at φ = 90◦ to vanish. This deep null, however, is not observed because of the finite
dimensions of the ground plane. When the ground is not extended to infinity, the radiation by edges
would fill the null. On the other hand, a null is created in the E-plane pattern, whereas the theory
predicts a uniform pattern. This phenomenon is also caused by the finite dimensions of the ground
plane. Based on the equivalence principle, the magnetic currents on the upper and lower half space
flow in two opposite directions and create out of phase normal electric fields on the antenna plane
(θ = 0◦). When the ground plane is infinite, the lower and upper half spaces are decoupled, and no
cancellation occurs. The cross-polarization component of the radiation pattern is small because of
the symmetry of the structure in the principal E- and H-planes. The observed minor cross-polarized
radiation is caused by the edges of the finite size ground plane and the re-radiation of the near field of
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Fig. 6. Layout and real and imaginary parts of input impedance of the miniaturized folded printed wire antenna.

the antenna by the feeding cable.

III. Miniaturized Folded Printed Wire Antenna

The size of the ground plane was found to be an important parameter in slot antenna gain, band-
width, and depolarization. In general, the larger is the ground plane, the better antenna performance
is expected. In many applications, such as automotive, aviation, and large arrays, metallic platforms of
considerable size are already available. Therefore, ground plane size does not impose a major restric-
tion on the antenna performance. When no large ground plane is available, an alternative miniaturized
design may be considered. Basically, printed wire structures, unlike slotted structures, do not need
a ground plane. In this section, a printed antenna topology which is the complementary pair of the
miniaturized folded-slot of Fig. 2 is proposed and tested. This structure is shown in Figure 6, where
the slot-lines are replaced by metallic strips and vice versa. Two vertical radiating elements at the
center of the structure are terminated by distributed capacitive loadings. The electric current distri-
bution attains its maximum on these vertical strips. Although the far-field radiation mainly emanates
from the two vertical elements, the contribution of the distributed capacitive loads on the radiation
resistance should not be overlooked.

The radiation resistance of an infinitesimal dipole with a constant current distribution can be cal-
culated analytically [9]. This quantity is multiplied by a factor of four in the case of an infinitesimal
folded dipole; that is;

Ra = 4 × 80π2(
�

λ
)2. (3)

In the above equation, the antenna is assumed to be radiating in free space. For the miniature folded
dipole considered in Fig. 6, � = 0.065λ0 results in radiation resistance of Ra = 13.34 Ω. Equation (3)
only accounts for the contribution of the main radiating arms, and the effects of capacitive loading
and the dielectric substrate are not included in the calculation of the input resistance. In order to
include all these parameters, the full-wave Moment Method code assuming infinite substrate is used,
and the input admittance is calculated and shown in Fig. 6. The simulated input impedance of the
printed folded dipole at the structure resonance is Ra = 43 Ω, which is considerably different from the
value predicted by (3) for the reasons mentioned earlier.

Similar to its folded-slot counterpart, the folded printed-wire can be directly matched to a 50 Ω
line, without a complicated matching network. The printed dipole antenna requires a balanced input
to ensure a symmetric current distribution on the antenna. Both lumped element (RF transformer
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Fig. 8. Simulated and measured input return loss of the miniaturized antenna in Fig 7.

chips) and distributed baluns can be used to transform the unbalanced feed into balanced co-planar
strips (CPS), which feed the miniaturized printed folded-dipole antenna of Fig. 6. Merchand balun
is an example of distributed transformer which is used for a 50 Ω microstrip line to a CPS transition
[13]. Figure 7 shows the layout of the printed wire antenna connected to a Merchand balun. Although
the balun is considerably larger than the antenna itself, it should not be considered as a part of the
antenna, and it has only been used here to characterize the antenna discretely. When the antenna is
integrated with transceiver electronics, balanced circuitry can be utilized instead.

The design procedure for this antennas is similar to the one presented for the miniaturized slot
antennas making use of the duality principle [7]. Figure 7, shows the miniature antenna fed by a 50 Ω
microstrip line through a Merchand balun. Note that fine-tuning is accomplished by a small amount of
inductive feed generated by having a microstrip line extension slightly less than λ/4. This antenna was
fabricated on the same substrate used in the previous examples. Figure 8 shows a comparison between
the simulated and measured input return loss values of the miniaturized printed folded antenna. This
antenna can fit into a rectangular area of 0.06λ0 × 0.065λ0 at 336 MHz. However, there is about 1%
shift in the measured operating frequency compared with the simulation, which again can be attributed
to numerical errors and the finite dimensions of the dielectric substrate.

The measured radiation pattern of this printed antenna for E- and H-planes are plotted in Fig.
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Fig. 9. E- and H-plane measured radiation patterns of the miniaturized folded printed wire of Fig 7.
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Fig. 10. The simulated radiation pattern of the miniaturized folded printed wire antenna without a balun.

9. Figure 10 illustrates the simulated radiation pattern of the antenna itself in the absence of the
balun. The measured radiation pattern in the E-plane agrees with the numerical simulation and the
theoretical radiation pattern of an infinitesimal folded dipole. In contrast, an asymmetric null appears
in the H-plane pattern at θ = −90◦, whereas a constant pattern in the H-plane is expected. This
asymmetry emerges because of the presence of the balun. The major portion of the observed cross
polarized radiation is believed to emanate from the feed cables rather than the antenna structure itself.
The far-field gain of this antenna is measured to be -6.5 dBi, which is slightly higher than the value
predicted by the simulation. Knowing that the balun creates a null in the H-plane pattern, one should
expect the antenna to be more directive when the balun is present. That is why, the measured gain
a slightly higher than the gain obtained from the simulation (see Table I). The observed difference
between the gains of the miniaturized folded-slot and printed dipole is noteworthy. A 3.8 dB gain
difference exists between the two antenna which is attributed to conductor ohmic losses. Slot antennas
make use of more conductors, and therefore, ohmic losses are significantly less than the ohmic losses
of their printed wire antennas counterpart.
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TABLE I
Comparison among characteristics of miniaturized slot, miniaturized folded slot, and miniaturized

printed folded dipole antennas.

Antenna Type Size
Bandwidth [%] Gain [dBi] Directivity

[dB]Sim. Meas. Sim. Meas.
Miniature slot [7] 0.05λ0 × 0.05λ0 0.058 0.34 1.0 -3.0 1.9

Folded slot 0.065λ0 × 0.065λ0 0.12 0.93 1.0 -2.7 1.9
Printed wire 0.065λ0 × 0.065λ0 0.45 0.60 -7.0 -6.5 2.4

Self-comp. folded 0.065λ0 × 0.065λ0 1.1 1.1 -5.5 -4.5 2.7
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Fig. 11. The miniaturized self-complementary folded antenna fed by a tow-port self-complementary asymmetric CPW-
line.

IV. Miniaturized Self-Complementary Folded Antenna

The use of self-complimentary antennas has been suggested to obtain antennas with frequency
independent input impedances [14]. The basic idea stems from the fact that these structures consist
of two sections that are dual of each other. Therefore, the reactive parts of these two subsections
tend to cancel each other, which leads to a purely real input impedance over the frequency band. In
reality, however, a self-complementary radiating structure needs to be truncated, and this truncation
by itself deteriorates the performance of a self-complementary design. The extent of this deterioration
depends on the geometry as well as the truncation extent. Truncation becomes even more important
when miniaturized antennas are considered. Apparently, miniaturized self-complementary antennas
are subject to a very tight truncation whose effect should be closely examined.

Another important assumption in self-complimentary structures is that the antenna should radiate
in free space or homogeneous media. Consequently, the introduction of a dielectric medium would
provoke the required condition for self-complementarity, and thus, the prescribed theoretical results
may not be achieved.

Figure 11 shows a self-complementary pair of the two previously introduced folded antennas, where
the top half of the structure is similar to that of the folded printed wire in Fig. 6, and the lower
half resembles the folded slot of Fig. 2. This structure is excited through self-complementary trans-
mission line which resembles an asymmetric CPW waveguide. The characteristic impedance of this
self-complementary transmission line is Zc ≈ 60π/

√
εr, given that a dielectric substrate is present.

This antenna has the same dimensions as the two previously introduced structures and is fabricated
on the same dielectric substrate. In order to analyze the structure, the two-port antenna structure
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Fig. 13. The equivalent circuit of the required matching network to a 50Ω line.

shown in Fig. 11 is simulated using the Method of Moment [12], and its S-parameters are presented
in Fig. 12. Based on the simulated S-parameters, the resonant frequency of the antenna can be
determined. Furthermore, the knowledge of the S-parameters provides the information required for
designing a matching network for the antenna.

A. Impedance Matching

In order to match the impedance of the antenna, two parameters should be determined. One is
the terminating impedance of the second port, and the other parameter is an appropriate reactive
circuit to be placed in series with the antenna at the first port. A trivial choice for the terminating
impedance of the second port is the intrinsic impedance of the self-complementary CPW line, which
is Zc ≈ 60π/

√
εr = 125Ω. This termination ensures no reflection from the line at the second port, but

at the same time, the resistive termination reduces the radiation efficiency of the antenna drastically.
That is why reactive (lossless) termination for the second port is preferred. In order to minimize
ohmic losses, the second port is short circuited, and the matching circuit of Fig. 13 is proposed. The
matching parameters of this circuit can be found using an optimization algorithm so that a wide band
impedance matching may be obtained around the resonant frequency of the structure. The lossless
matching circuit can either be realized by distributed elements or by lumped elements. Figure 14
illustrates the antenna with a distributed element realization of the matching network. Obviously, this
distributed matching network is not a part of the antenna, and may be replaced with high Q lumped
elements when the antenna is integrated with a transceiver.

The antenna of Fig. 14 is fabricated on the same substrate as the previous antennas, and its input
return loss is measured and compared with those obtained from the full-wave simulation and the
equivalent circuit model. This comparison is shown in Fig. 15 where a good agreement is observed.
Both simulated and measured fractional bandwidths for this structure are found to be 1.1% which is
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Fig. 15. The measured, simulated, input return losses of the antenna of Fig. 14, as well as that of the equivalent circuit
model of Fig. 13.

at least 25% improved over the measured bandwidth of the miniaturized folded slot antenna in Table
I. Unlike miniaturized slot and folded slot, the simulated and measured bandwidth and gain of this
antenna agree favorably, since in the simulation of the self-complementary antenna notion of magnetic
current was not used, and thus, the ohmic losses are accounted for.

The radiation pattern of this antenna might seem to be complicated at the first glance. However,
the radiated fields can be considered as the superimposition of the field of a small folded dipole and
that of a folded slot. Therefore, φ = ±45◦ specifies the principle plane of the antenna given that
both dipole and slot modes are excited in phase. The radiation pattern of the self-complementary
folded antenna is measured in three cuts of φ = 0◦, φ = 45◦, and φ = 90◦. Fig. 16 compares the
measured and simulated radiation pattern of this antenna for these three cuts. Pattern measurement
of self-complementary antennas with tight truncation is a rather involved procedure mainly due to the
coexistence of the both electric and magnetic radiating elements, which have dual patterns. Therefore,
the resultant radiation is neither symmetric with respect to the symmetry planes of the truncated
structure nor with respect to the edges. This asymmetry also increases the chance that the near field
of the antenna could excite currents on the feeding cable, and that those excited currents re-radiate,
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and thus, interfere with the far fields of the antenna. In order to inhibit the unwanted radiation, a
portion of the feeding cable at the immediate vicinity of the antenna was shielded and grounded.

The gain of this antenna was measured against a calibrated antenna. Under polarization matched
condition a gain of -4.5 dBi was measured, which is slightly higher than the simulated gain for this
antenna. The difference between the simulated and measured gain may be attributed to the pertur-
bation of the radiation pattern of the antenna owing to the presence of the additional ground plane
used in the measurement setup.

Comparing the self-complementary folded antenna with two previously discussed antennas, one can
recognize that the self-complementary design has the widest bandwidth among the three though it is
still far from being a wide-band antenna. This frequency dependence is caused by the tight truncation
of the structure so as not to negate the miniaturization. Furthermore, the presence of the dielectric
substrate and feeding network are two factors that tend to break the self-complementary conditions of
the topology. The efficiency/gain of this antenna falls in between the gain of the two previous designs,
which is inline with our expectation. Slot antennas are superior with respect to ohmic loss and printed
wires have the highest ohmic loss. This self-complementary antenna is half slot and half strip. Thus,
the self-complementary design is expected to be better than printed wire, and worse than slot, which
is consistent with the observations summarized in Table I.

V. Self-Complimentary H-Shaped Antenna

In the self-complementary antenna design of the previous section, the main objective was to maintain
a very small size, regardless of how adversely the required conditions for self-complementary structures
were affected. In this section, a more compatible design with the self-complementary conditions is
introduced. In this design, the miniaturization criteria is relaxed by reducing the end-loading. By
removing all of the loading spiral arms except for one, an H-antenna is obtained. Figure 17 shows the
geometry of this structure fed by a short-circuited microstrip line. Again a substrate with εr = 2.2 and
thickness of 0.787 mm was used to fabricate this antenna. An impedance step in the microstrip line,
as well as two short stubs, were introduced to enhance the impedance matching to a 50Ω line. The
simulated and measured input return losses of this antenna are illustrated in Fig. 18. As shown in this
figure, a very wide -10 dB bandwidth from 1.35 GHz to 3.2 GHz (2.3:1) is achieved. To demonstrate
the effect of the substrate in perturbing the self-complementarity, the same structure is also simulated
with no dielectric substrate (εr = 1.0). The simulated return loss of this antenna without substrate is
illustrated in Fig. 18, where it demonstrates a considerably wider bandwidth (1.3 GHz-3.9 GHz).

Another source of frequency dependance in the response of the antenna structure in Fig. 17 is
the asymmetry created by the microstrip feed and the corresponding matching network. Comparing
this feeding configuration with those of the perfectly self-complementary structures [15], [16], one can
recognize that the symmetry can only be preserved when the antenna structure has two ports, and the
second port is terminated by a resistance of RL = Z0/2 = 60πΩ. Using this terminated configuration,
the input impedance of the antenna becomes 60π = 188Ω over a wide frequency band requiring
an additional wide-band matching network, should the antenna be matched to a standard 50Ω line.
Furthermore, introducing a resistive load reduces the antenna efficiency as mentioned earlier. The
finite extent of the structure is another inevitable factor that deteriorates the frequency independent
performance of the self-complementary antenna.

The far-field characteristics of this antenna is considered next. The bore-sight gain of this antenna
was measured over the spectrum of the operation against that of a wide band calibrated ridged horn.
The total measured gain of the antenna at the bore-sight (θ = 0◦) is plotted in Fig. 19, where good
agreement is observed between the simulated and measured values. The slight difference between the
simulated and measured gains is mainly due to the response of the anechoic chamber as well as the
potential multi-path and unwanted radiation by the feeding cable.

Finally, the radiation pattern of this antenna is measured at four frequency points within the antenna
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Fig. 16. Comparison between the measured and simulated radiation patterns of the miniaturized self-complementary
antenna on three different planes of (a): φ = 0◦, (b): φ = 45◦, and (c): φ = 90◦.
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Fig. 20. Comparison between the measured and simulated gain of the self-complementary H-antenna as a function of
frequency.

band namely, 1.5 GHz, 2.0 GHz, 2.5 GHz, and 3.0 GHz, at three different planes of φ = 0◦, φ = 45◦, and
φ = 90◦. Both horizontal (Eθ(θ)) and vertical (Eφ(θ)) polarizations were measured. Figure 20 shows
the pattern measurement setup used in the experiment. Figures 21, 22, 23, 24 show the simulated and
measured radiation patterns of the self-complementary H-antenna at 1.5 GHz, 2.0 GHz, 2.5 GHz and
3.0 GHz.

A few points should be explained before comparing the measured patterns with the simulated results.
In the simulation, the dielectric substrate is assumed to be of an infinite extent, which explains the
presence of a null in the simulated Eφ(±90◦) patterns at all of the frequency points. Another factor
that accounts for some of the discrepancies is the effect of the antenna mount fixture with a larger half-
ground plane. As seen in Fig. 20, the effect of this fixture is minimal in the φ = 0◦ plane. Therefore,
very good agreement is observed between the simulated and measured patterns at all frequency points.
On the other hand, the measurement fixture imposes a null on the Eφ(θ = −90◦) pattern at φ = 45◦

plane, which is why a weak null is observed in the Eφ at θ = −90◦. The remaining patterns agree
rather favorably with the simulation. By the same token, Eφ(θ = 90◦) is perturbed due to a weak
null at φ = 90◦ plane. Radiation by the edges of the ground plane and the dielectric, as well as the
radiation by feeding cable are among other reasons for the observed discrepancies.

VI. Conclusion

In this paper, two methodologies to increase the bandwidth of miniaturized antennas were inves-
tigated. The first approach was to introduce the folded miniature antenna which may increase the
effective aperture of the miniature antenna without compromising the size drastically, ant the sec-
ond approach was to take advantage of the self-complementary structures to reduce the frequency
dependence of the antenna characteristics. The first approach was demonstrated through introducing
miniaturized folded slot antenna that occupies a region as small as 0.65λ0 × 0.65λ0 with the measured
gain and fractional bandwidth of -2.7 dBi and 0.93%, respectively. When compared with the original
miniaturized topology [7], the simulation shows a four-time decrease in the slot impedance, and over
100% increase in the simulated bandwidth, while its dimensions (relative to the wavelength) are in-
creased by 13%. The complementary pair of this structure, that is, a miniaturized folded printed wire
was also presented with a moderate bandwidth of 0.7% and measured gain of -6.5 dBi. This gain is
substantially lower (about 3.8 dB) than its slotted counterpart. This reduction in gain indicates that
slot structures are far more suitable for antenna miniaturization when a metallic platform of adequate
size is available to be used as ground plane.
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Fig. 21. Comparison between the measured and simulated radiation patterns of the self-complementary H antenna at
1.5 GHz for three cuts of φ = 0◦, φ = 45◦, φ = 90◦; (a): measurements, (b): simulations.
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Fig. 22. Comparison between the measured and simulated radiation patterns of the self-complementary H antenna at
2.0 GHz for three cuts of φ = 0◦, φ = 45◦, φ = 90◦; (a): measurements, (b): simulations.
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Fig. 23. Comparison between the measured and simulated radiation patterns of the self-complementary H antenna at
2.5 GHz for three cuts of φ = 0◦, φ = 45◦, φ = 90◦; (a): measurements, (b): simulations.
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Fig. 24. Comparison between the measured and simulated radiation patterns of the self-complementary H antenna at
3.0 GHz for three cuts of φ = 0◦, φ = 45◦, φ = 90◦; (a): measurements, (b): simulations.
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The self-complementary pair of these two folded antennas is the third design presented in this pa-
per to exploit the wide-band characteristics of self-complementary structures. Maintaining the same
dimensions, the fractional bandwidth of the self-complementary antenna reaches to 1.1%, which ex-
hibits at least 25% increase over its slotted and printed strip counterparts. The gain/efficiency of this
antenna, as expected, falls between those of the folded slot and printed wire antennas. When minia-
turization criteria is relaxed in exchange for satisfying more of the self-complementarity conditions, a
much wider bandwidth can be obtained, an example of which is an H-antenna. This antenna demon-
strates a very wide -10 dB return loss bandwidth of 2.3:1 and a fairly constant gain of slightly above
1 dBi over the entire frequency band of operation. The dimensions of this antenna are 0.13λ0 × 0.24λ0

at the lowest frequency of operation (1.3 GHz).
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A Novel Approach for Miniaturization
of Slot Antennas
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Abstract—With the virtual enforcement of the required
boundary condition (BC) at the end of a slot antenna, the area
occupied by the resonant antenna can be reduced. To achieve
the required virtual BC, the two short circuits at the end of
the resonant slot are replaced by some reactive BC, including
inductive or capacitive loadings. The application of these loads is
shown to reduce the size of the resonant slot antenna for a given
resonant frequency without imposing any stringent condition on
the impedance matching of the antenna. In this paper, a procedure
for designing this class of slot antennas for any arbitrary size is
presented. The procedure is based on an equivalent circuit model
for the antenna and its feed structure. The corresponding equiv-
alent circuit parameters are extracted using a full-wave forward
model in conjunction with a genetic algorithm optimizer. These
parameters are employed to find a proper matching network so
that a perfect match to a 50
 line is obtained. For a prototype slot
antenna with approximate dimensions of0 05 0 0 05 0 the
impedance match is obtained, with a fairly high gain of 3 dBi,
for a very small ground plane( 0 20 0). Since there are neither
polarization nor mismatch losses, the antenna efficiency is limited
only by the dielectric and Ohmic losses.

Index Terms—Miniaturized antenna, slot antenna.

I. INTRODUCTION

T HE TOPIC of small antennas has been a subject of interest
for more than half a century, but in recent years, it has at-

tained significant attention because of an exorbitant demand for
mobile wireless communication systems. The need for antenna
miniaturization stems from the fact that most mobile platforms
have a limited space for all of the required antennas in ever in-
creasing wireless systems. Compact antennas are needed so that
more antennas can be closely packed together without the risk of
mutual and parasitic coupling between them. For local area net-
works, there is an emerging interest in making antennas small
enough to ultimately fit on a single chip with the rest of the re-
ceiving front-end. As part of a general trend in monolithic circuit
integration, using the area of substrate more efficiently is an-
other strong motivation. At low frequencies (HF–VHF), minia-
ture antennas are in high demand, since the antenna size often
imposes a significant limitation on the overall size of a portable
wireless system.

Earlier studies on small antennas focused on establishing a
relation between the volume occupied by the antenna to radia-
tion characteristics and the bandwidth of the antenna [1]–[4]. In
these studies, a relation between the Quality Factor () of the
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The authors are with the Radiation Laboratory, Department of Electrical En-
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Digital Object Identifier 10.1109/TAP.2003.809853

antenna and the radius of the smallest fictitious spherical en-
closure containing the antenna was derived. This derivation was
based on the spherical wave function expansion of the fields ra-
diated from the antenna. Each spherical mode was represented
by an equivalent circuit for which a quality factor ( ) was
calculated. Since the spherical eigenfunctions are orthogonal,
no energy could be coupled among modes. Therefore, the
of the antenna was expressed as a function of theof indi-
vidual modes. Finally, it was shown that the quality factor of
the lowest order mode is a lower bound for theof a single
resonant antenna [2]. A similar approach was adopted by Collin
[5] for cylindrical antennas using cylindrical wave functions to
provide a tighter lower limit on the of thin antennas with large
aspect ratios. Results of these studies have been summarized and
referred to as the fundamental limitations of small antennas [6].
However, in the aforementioned papers there are no discussions
about procedures to design miniaturized antennas.

In addition to high , a direct result of antenna miniaturiza-
tion is reduction in the antenna efficiency owing to the relatively
high conduction and/or polarization currents on the conductors
or within the dielectric part of the antenna structure. Further-
more, the matching network of a miniaturized antenna is usu-
ally complex and lossy. An example of miniaturized antennas
is a meandered antenna where a half wavelength dipole is made
compact by meandering the wire [7]. A similar approach can be
applied to design a meander type slot antenna [8]. In order to in-
crease the efficiency of these antennas by reducing dissipation,
the use of a high temperature superconductor (HTS) has been
proposed [9], [10]. On the other hand, meandered antennas are
very hard to match to a 50-line. This difficulty is due to the fact
that the radiation of almost in-phase electric currents flowing in
opposite directions on closely spaced wires tend to cancel each
other in the far-field region. This cancellation renders a consid-
erable portion of opposing currents ineffective as far as radia-
tion efficiency is concerned and leads to a very low radiation
resistance that might have been increased using a two-strip me-
andered line [11]. Consequently, these antennas are difficult to
match, and yet require a very low temperature of operation to
control material losses [12].

Another approach for antenna miniaturization, reported in the
literature, is to use very high dielectric constant materials in di-
electric loaded antennas [13], [14]. Obviously, dielectric loading
provides a size reduction factor on the order of for the
leaky dielectric and cavity resonator type antennas (e.g., mi-
crostrip patch antennas), whereis the relative permittivity of
the dielectric material. This miniaturization method, however,
is less effective for terminated transmission line antennas, such
as slot or printed dipole antennas since these antennas see an
effective permittivity ( ), which is considerably less than.

0018-926X/03$17.00 © 2003 IEEE
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Although this method of miniaturization is susceptible to sur-
face wave excitation, it might be found beneficial, especially
when the electrical thickness of the substrate is small compared
to the wavelength. It is worth mentioning that this type of an-
tenna miniaturization is not immune to the aforementioned ad-
verse effects such as high, low efficiency, and complexity in
the matching network.

Nevertheless, there is another important methodology in an-
tenna miniaturization; that is, modifying the antenna geometry.
Recently a new topology based on an S-shape quarter wave-
length resonant slot antenna was reported by the authors [15].
A miniaturized quarter wavelength slot antenna was proposed
using a short circuit at one end of the slot and an open circuit at
the other end. The open circuit was realized by a coiled quarter
wavelength slot-line. Using this design, a very efficient minia-
turized antenna with dimensions of the order of
on a substrate having was constructed using a mi-
crostrip feed.

In this paper, we propose a novel procedure to design
a miniaturized slot antenna where its dimensions (relative
to wavelength) can be arbitrarily chosen, depending on the
application, without any adverse effects on the impedance
matching. As will be shown, in order to fine-tune the resonant
frequency of this structure, the antenna is first fed by a two-port
microstrip line, and then the location of the null in the insertion
loss ( ) is found and adjusted. To specify the terminating
impedance at the second port in such a way that a perfect match
is achieved, an equivalent circuit for the antenna is proposed
and its parameters are extracted using a genetic algorithm
(GA) in conjunction with a full-wave simulation tool. Finally, a
prototype antenna is designed, fabricated, and its performance
is evaluated experimentally.

II. A NTENNA GEOMETRY

For a resonant slot antenna, one needs to apply two boundary
conditions (BCs) at both ends of a slot line to form a resonant
standing wave pattern. These two conditions are chosen so as
to enforce zero electric current (open circuit) for a wire antenna
or zero voltage (short circuit) for the slot antenna, and yield a
half-wave resonant antenna. On the other hand, these alternative
BCs result in a smaller resonant length than a half wavelength
antenna [16]. One choice which is conducive to antenna minia-
turization is the combination of a short circuit and an open cir-
cuit, which allows a shorter resonant length of [15]. The
choice of the two BCs, however, is not restricted to the above
conditions, whereas the effect of reactive BCs in reducing the
resonant length and antenna miniaturization is investigated in
what follows.

A. Slot Radiator Topology

Starting from a slot and in the view of the transmission
line approximation for the slot dipole, the equivalent mag-
netic current distribution along a linear slot antenna can be
expressed as

(1)

Fig. 1. Magnetic current distribution on a half wavelength and inductively
terminated miniaturized slot antenna.

where is the guided wavelength in the slot-line. In (1),
represents the amplitude of the magnetic current density (elec-
tric field across the slotline). This approximate form of the cur-
rent distribution satisfies the short circuit BCs at the end of the
slot antenna. If by using an appropriate boundary condition, the
magnetic current density at any arbitrary point
along the length of a modified slot antenna can be maintained
the same as the slot antenna, then it is possible to make
a smaller slot antenna. Any size reduction of interest can be
achieved so long as the appropriate BCs are in place at the proper
location on the slot. Fig. 1 illustrates the idea where it is shown
that by imposing a finite voltage at both ends of a slot, the de-
sired magnetic current distribution on a short slot antenna can
be established.

To create a voltage discontinuity, one can use a series induc-
tive element at the end of the slot antenna. It should be pointed
out that terminating the slot antenna with a lumped inductance
or capacitance is not practical since the slot is embedded in a
ground plane, which can in fact short-circuit any termination.
To circumvent this problem, a lumped inductor could be phys-
ically realized by a compact short-circuited slotted spiral. To
ensure inductive loading, the length of the spiral slot must be
less than a quarter wavelength. Instead of a single inductive el-
ement at each end, it is preferred to use two inductive slotlines
opposite of each other [see Figs. 2(c) and 3]. Since these two
inductors in the slot configuration are in series, a shorter slot-
line provides the required inductive load at the end of the slot
antenna. Another reason for choosing this configuration is that
the magnetic currents flowing in opposite directions cancel each
other’s fields on the planes of symmetry, and thereby, minimize
the near-field coupling effect of the inductive loads on the de-
sired current distribution along the radiating slot.

It should be noted that the mutual coupling within the spiral
slotline reduces the effective inductance, and therefore, a
longer spiral length compared with a straight section [Fig. 2(c)]
is needed to achieve the desired inductance. To alleviate this
adverse effect, a narrower slot width must be chosen for the
spiral slotline.

-0.1 0 0.1 

Slot Antenna axis (Xs) 
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Fig. 2. Transmission line model of a slot antenna (a) half-wave slot antenna.
(b) Inductively terminated slot antenna. (c) Two series inductive terminations.

Fig. 3. Proposed antenna geometry fed by a two-port microstrip feed. This
two-port geometry is used to find out the exact resonant frequency of the
inductively loaded slot.

B. Antenna Feed

A microstrip transmission line is used to feed this antenna.
The choice of the microstrip feed, as opposed to a coaxial line,
is based on the ease of fabrication and stability. This feed struc-
ture is also more amenable to tuning by providing the designer
with an additional parameter. Instead of short-circuiting the
microstrip line over the slot, an open-ended microstrip line with
an appropriate length extending beyond the microstrip-slot
crossing point (additional parameter) can be used.

A coplanar waveguide (CPW) can also be used to feed the
antenna providing the ease of fabrication, whereas it is more

TABLE I
SLOTLINE CHARACTERISTICS FORTWO DIFFERENTVALUES OF SLOT WIDTH

w, AND THE DIELECTRIC CONSTANT OF" = 2:2 AND THICKNESS

OF h = 0:787(mm) AND f = 300 MHz

difficult to tune. Usually, a metallic bridge is needed to suppress
the odd mode in the CPW. The use of CPW lines also reduces
the effective aperture of the slot antenna, especially when a very
small antenna is to be matched to a 50-line. Typically for
a low dielectric constant substrate, the center conductor in the
CPW lines at 50 is rather wide and the gap between the center
conductor and the ground planes is relatively narrow. Hence,
feeding the slot antenna from the center blocks a considerable
portion of the miniaturized slot antenna [17]. There are other
methods to feed the slot antenna with CPW lines, including an
inductively or capacitively fed slot [18].

III. D ESIGN PROCEDURE

In this section, a procedure for designing a novel miniatur-
ized antenna with the topology discussed in the previous sec-
tion is presented. To illustrate this procedure, a miniaturized slot
antenna at 300 MHz is designed. This frequency is the lowest
frequency at which we could accurately perform antenna mea-
surements in the anechoic chamber, and yet, the miniature an-
tenna is large enough so that standard printed circuit technology
can be used in the fabrication of the antenna. A microwave sub-
strate with a dielectric constant of , a loss tangent of

, and a thickness of 0.787 mm (31 mil) [19] is
considered for the antenna prototype.

As the first step, the basic transmission line model is em-
ployed to design the antenna and then, a full-wave Moment
Method analysis is used for fine tuning. Table I shows the finite
ground plane slotline characteristic impedance and guided
wavelength for the above mentioned substrate and for two
slot widths of mm and mm, all at 300 MHz.
As mentioned before, the antenna size can be chosen as a de-
sign parameter, and in this example, we attempt to design a very
small antenna with a length of mm . A slot
width of mm is chosen for the radiating section of the
slot antenna. A slot antenna whose radiating slot segment is of
a length , should be terminated by a reactance given by

(2)

in order to maintain the magnetic current distribution of a
resonant slot antenna (see Fig. 2). In (2)

(3)

and and are the characteristic impedance and the guided
wavelength of the slotline, respectively. As mentioned before,
the required terminating reactance of can be constructed by
two smaller series slotlines. Denoting the length of a terminating
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slotline by , as shown in Fig. 2(c), the relationship between the
required reactance and is given by

(4)

where and are the characteristic impedance and the guided
wavelength of the terminating slotline. A narrower slot is used
to construct the terminating slotlines so that a more compact
configuration can be achieved. As shown in Table I, the nar-
rower slotline has a smaller characteristic impedance and guided
wavelength which results in a slightly shorter length of the ter-
mination ( ). Although is smaller than , the actual minia-
turization is obtained by winding the terminating line into a
compact spiral as seen in Fig. 3.

According to (2) and (4), and also the values for the guided
wavelengths, is found to be mm. Referring to
Fig. 3, the vertical dimension (along theaxis) of the rect-
angular spiral should not exceed half of the length of the ra-
diating slot segment (). This constraint on the inductive rect-
angular spiral is imposed so that the entire antenna structure
can fit into a square area of 55 mm55 mm, which is about

. Since the dielectric constant and the thickness
of the substrate chosen for this design are very low ( ),
the guided wavelength ( cm) is not very much different
from that of free space ( cm). Thus, the miniaturization
is mainly achieved by the proper choice of the antenna topology.
It is worth mentioning that further size reduction can be obtained
once a substrate with higher permittivity is used.

IV. FULL-WAVE SIMULATION AND TUNING

In Section III, the transmission line model was employed for
designing the proposed miniature antenna. Although this model
is not very accurate, it provides the intuition necessary for de-
signing the novel topology. The transmission line model ignores
the coupling between the adjacent slot lines and the microstrip
to slot transition. For calculation of the input impedance and
exact determination of the length of different slotline segments,
a full-wave simulation tool is required. IE3D, a commercially
available Moment Method code is used for required numerical
simulations [20].

Fig. 3 shows the proposed antenna geometry fed by a two-port
50 microstrip line. The two-port structure is constructed to
study the resonant frequency of the antenna as well as the tran-
sition between microstrip and the slot antenna. The microstrip
line is extended well beyond the slot transition point so that the
port terminals do not couple to the slot antenna. The radiating
slot length is chosen to be mm, and the length of the
rectangular spirals are tuned such that the antenna resonates at
300 MHz. The resonance at the desired frequency is indicated
by a deep null in the frequency response of. The simulated
S-parameters of this two-port structure are shown in Fig. 4. This
figure indicates that the antenna resonates at around 304 MHz,
which is close to the desired frequency of 300 MHz. In fact, the
resonant frequency of the radiating structure must be chosen at
a slightly higher or lower frequency. The reason is that small
slot antennas have a low radiation conductance at the first reso-
nance and therefore, it should be tuned slightly off-resonance if
it is to be matched to a 50-transmission line. Fig. 5 shows an

Fig. 4. S-parameters of the two-port antenna shown in Fig. 3.

Fig. 5. Topology of the equivalent circuit for the two-port antenna.

equivalent circuit model for the two-port device when the tran-
sition between microstrip and slot line is represented by an ideal
transformer with a frequency dependent turn ratio () [21], and
the slot is modeled by a second order shunt resonant circuit near
its resonance [22]. The radiation conductance, which is also
referred to as the slot conductance, attains a low value that cor-
responds to a very high input impedance at the resonant fre-
quency. However, this impedance would decrease considerably,
when the frequency moves off the resonance. The 4 MHz offset
in the resonant frequency of the antenna is maintained for this
purpose.

Having tuned the resonant frequency of the antenna, coupled
to the two-port microstrip feed (Fig. 3), we need to design a loss-
less impedance matching network. This can be accomplished by
providing a proper impedance to terminate the second port of
the microstrip feed line. To fulfill these tasks systematically, we
need to extract the equivalent circuit parameters shown in Fig. 5.
It should be pointed out that for the proposed miniaturized slot
antenna, a simplistic model for standard size slots, which treats
the slot antenna as an impedance in series with the microstrip
line is not sufficient. Essentially, the parasitic effects caused by
the coupling between the microstrip feed and rectangular spirals
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Fig. 6. Y -parameters of the two-port antenna after deembedding the
microstrip feed lines.

as well as the mutual coupling between the radiator section and
the rectangular spirals should also be included in the equivalent
circuit.

A. Equivalent-Circuit Model

In this section, an equivalent circuit model for the proposed
antenna is developed. This model is capable of predicting the
slot radiation conductance and the antenna input impedance
near resonance. This approach provides very helpful insight as
to how this antenna and its feed network operate. As mentioned
before, this model is also needed to find a proper matching
network for the antenna.

Near resonant frequencies, the slot antenna can be modeled
by a simple second order RLC circuit. Since the voltage across
the slot excites the slot antenna at the feed point, it is appropriate
to use the shunt resonant model for the radiating slot as shown
in Fig. 5. The coupling between the microstrip and the slot is
modeled by a series ideal transformer with a turn ratio.

To model the feeding mechanism right at the cross junction
of the microstrip and slot, it is necessary to deembed the effect
of the microstrip lines between the terminals and the crossing
points. There are different deembedding schemes reported in
[24] and [25]. The advantage of proper deembedding, as op-
posed to the mere shifting of the reference planes by the corre-
sponding phase factor is to exclude the effect of radiation and
other parasitic effects of the line.

To model the parasitic coupling of the microstrip line and the
slot (coupling of radiated field from the microstrip line and slot),
two additional parasitic parameters, namely,and are in-
cluded in the model. The use of shunt parasitic parameters has
previously been suggested to model the effects of fields as per-
turbed by a wide slot [23]. Fig. 6 shows the deembedded-pa-
rameters of the two-port microstrip-fed slot antenna where the
location of deembedded ports are shown in Fig. 3. Note that
these two ports are now defined at the microstrip-slot junction.

TABLE II
THE PARAMETERS OF THEGENETIC ALGORITHM OPTIMIZER

TABLE III
THE EQUIVALENT CIRCUIT PARAMETERS OF

THE MICROSTRIPFED SLOT ANTENNA

According to the lumped element model of Fig. 5, the-param-
eters are given by

(5)

(6)

Using reciprocity and noting the symmetry of the equivalent
circuit, it can easily be shown that and .

In order to extract the equivalent circuit parameters, a GA
optimization code has been developed and implemented [26].
The sum of the squares of relative error for real and imaginary
parts of -parameters over 40 frequency points around the res-
onance is used as the objective (fitness) function of the opti-
mization problem. We ran the program with different random
number seeds to ensure the best result over the entire domain
of the parameters space. Also, the parameters were constrained
only to physical values in the region of interest. The parameters
of the GA optimizer are shown in Table II. Table III shows the
extracted equivalent circuit parameters after 50,000 iterations.

The -parameters of the equivalent circuit as well as
the -parameters extracted from the full-wave analysis are
shown in Fig. 7. Excellent agreement is observed between the
full-wave results and those of the equivalent circuit.

B. Antenna Matching

Having found the equivalent circuit parameters, the antenna’s
matching network can readily be designed. For matching net-
works, especially when efficiency is the main concern, lossless
terminations are usually desired. Therefore, we seek a purely re-
active admittance to terminate the feed line, which in fact is the
load for the second port of the two-port equivalent circuit model.
The explicit expression for a termination admittance () to be
placed at the second terminal of the two-port model in order to
match the impedance of the antenna is given by

(7)
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Fig. 7. Comparison between the full-wave simulatedS-parameters of the
antenna and that of the equivalent circuit.

Fig. 8. The required terminating admittance for the second port of the two-port
model in order to match the antenna to a 50-
 line.

Fig. 8 shows the spectral behavior of for a standard 50-
line ( ). Interesting to note are the two distinct
frequency points at which the real part of vanishes. This
implies that we can match this antenna at these two frequency
points, namely, 300 and 309 MHz. As mentioned earlier,
a small slot antenna has a very low radiation conductance.
The value of this low conductance, shown in Table III, sug-
gests a very high input impedance of the order ofK at
resonance, considering the transformer turn ratio. Thus, in
order to match the antenna to a lower impedance transmission
line, the matching should be done at a frequency slightly
off the resonance. At an off-resonance frequency, the input
impedance does not remain a pure real quantity, however,
the imaginary part can easily be compensated for by an
additional reactive component created by an open-ended mi-
crostrip. At each resonance, there are two possibilities. One pos-
sibility is to match the antenna slightly below the slot res-
onance, that is 304 MHz (Fig. 4), and terminate the second

TABLE IV
THE PHYSICAL LENGTH OF THE50-
 MICROSTRIPLINE NEEDED FOR

REALIZING THE TERMINATION SUSCEPTANCE, WHERE THEDIELECTRIC

MATERIAL PROPERTIES ARE ASSPECIFIED IN TABLE I

Fig. 9. The geometry of the antenna and its feed designed to operate at
300 MHz.

port capacitively. The second possibility is to tune the antenna
slightly above the slot resonance and terminate the second port
inductively.

Based on what is shown in Table IV, a very short open-ended-
microstrip line extension is required at the second port, in con-
trast with a quarter wavelength extension for an ordinary half
wavelength slot antenna. This short extension introduces a small
capacitance, which compensates the additional inductance in-
troduced as a result of operating below resonance. After tuning
the antenna, the original slot resonant frequency at 304 MHz,
shifts down to the desired frequency of 300 MHz, as shown in
Fig. 8 and Table IV.

V. ANTENNA SIMULATION AND MEASUREMENTS

In this section, simulation results for the proposed antenna
are illustrated. Fig. 9 shows the antenna geometry matched to a
50- line. As seen in this figure and suggested by Table IV, the
feed line has been extended a short distance beyond the slot line.
The width of the microstrip, where it crosses the slot, is reduced
so that it may block a smaller portion of the radiating slot. It is
worth mentioning that the effect of the feed linewidth on its cou-
pling to the slot was investigated, and it was found that as long
as the linewidth is much smaller than the radiating slot length,
the equivalent circuit parameters do not change considerably.

As mentioned, the antenna has been simulated using a com-
mercial software (IE3D) [20]. Using this software, the return
loss ( ) of the antenna is calculated and shown in Fig. 10. In
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Fig. 10. Measured and simulated return loss of the miniaturized antenna.

Fig. 11. A photograph of the fabricated antenna.

order to experimentally validate the design procedure, equiva-
lent circuit model, and simulation results, the antenna was fabri-
cated on a 0.787-mm-thick substrate with and

.
Fig. 11 shows a photograph of the fabricated antenna. The re-

turn loss ( ) of the antenna was measured using a calibrated
vector network analyzer and the result is shown in Fig. 10. The
measured results show a slight shift in the resonant frequency
of the antenna (1%) from what is predicted by the numer-
ical code. The errors associated with the numerical code could
contribute to this frequency shift. This deviation can also be at-
tributed to the finite size of the ground plane,
for this prototype, knowing that an infinite ground plane is as-
sumed in the numerical simulation. The shift in the resonant fre-
quency resulted from the finite size of the ground plane for slot
antennas is discussed in [15].

The far-field radiation patterns of the antenna were measured
in the anechoic chamber of The University of Michigan. The
gain of the antenna was measured at the bore-sight direction

TABLE V
ANTENNA CHARACTERISTICS AS AFUNCTION OF TWO DIFFERENTSIZE

GROUND PLANES COMPARED WITH THE SIMULATED RESULTS FOR THESAME

ANTENNA ON AN INFINITE GROUND PLANE

Fig. 12. Simulated radiation pattern of the miniaturized antenna.

under polarization-matched condition using a standard antenna
whose gain is known as a function of frequency. The gain of

3 dBi (relative to an isotropic radiator) was measured. Having
perfectly matched the impedance of the antenna, the simulated
efficiency of this antenna is found to be % ( 0.6 dB),
which can exclusively be attributed to dielectric loss. Obviously,
the contribution of the conductor loss, which is the main source
of dissipation in slot antennas, is not accounted for in the sim-
ulated antenna efficiency. The simulated radiation efficiency is
the ratio of the total radiated power to the input power of the
antenna. The directivity of this antenna (with infinite ground
plane) was computed to be dB. This value of direc-
tivity is very close to that of a dipole antenna. Based on the def-
inition of the antenna gain [16], under the impedance matched
condition, one might expect to measure the maximum gain of

dB dB dB (8)

for this antenna. There is still a considerable difference between
the measured and simulated gains (about 4.4 dB), which stems
from two major factors, in addition to the ohmic loss of the
ground plane. First, in the simulation, an infinite ground plane is
assumed, whereas the actual ground plane size for the measured
antenna is approximately . As the ground plane
size decreases, the level of electric current around the edges in-
creases considerably. This increase in the level of the electric
current results in an additional ohmic loss compared to the in-
finite ground plane. Another reason is that as the ground plane
size decreases, the directivity of the slot antenna is reduced. Ba-
sically, as the ground plane becomes smaller, the null in the pat-
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(a)

(b)

Fig. 13. Measured radiation patterns of the antenna with a small (0:2� �

0:2� ) and a larger (0:5� � 0:5� ) Ground Plane (GP): (a) H plane pattern.
(b) E plane pattern.

tern diminishes and the pattern approaches that of an isotropic
radiator. The reduction in the directivity of the slot antenna with
a finite ground plane can also be attributed to the radiation from
the edges and surface wave diffraction [27]. To further study the
effect of the size of the ground plane, the same antenna with a
slightly larger ground plane ( ) was fabricated
and measured. Table V shows the comparison between the ra-
diation characteristics of these two antennas and simulated re-
sults. As explained, when the size of the antenna ground plane
increases, the gain of the antenna increases from3.0 dBi to
0.6 dBi, which is almost equal to the gain of a half wavelength
dipole and very close to the simulated value for the antenna gain.

Finally, the radiation patterns of the proposed antenna in the
principal E and H plane were measured and compared with the
theoretical ones. For H plane pattern, we measured in the

plane, and for E plane pattern, was measured in
the . The simulated radiation patterns of this antenna are

shown in Fig. 12. It is seen that the simulated radiation pattern
of the proposed antenna with an infinite ground plane is almost
the same as that of an infinitesimal slot dipole. Fig. 13(a) and
(b) show the normalized co- and cross-polarized radiation pat-
terns of the H and E plane, respectively, for two different ground
planes. As expected, the null in the H plane radiation pattern is
filled considerably, owing to the finite ground plane size. The
ground plane enforces the tangential-field, , to vanish
along the radiating slot at , which in fact creates the
null in the H plane pattern. On the other hand, a deep null in
the measured E plane pattern is observed, whereas in simula-
tion this cut of the pattern is constant except at the dielectric-air
interface where the normal-field is discontinuous. This null
in the E plane is the result of the cancellation of fields, which
are radiated by the two opposing magnetic currents. The equiv-
alent magnetic currents, flowing in the upper and lower side of
the ground plane, are in opposite directions and consequently,
their radiation in the point of symmetry at the E plane cancel
each other. However, in the case of an infinite ground plane, the
upper and lower half-spaces are isolated, and therefore, the E
plane radiation pattern remains constant.

Moreover, an increase in the measured cross-polarized com-
ponent is observed as compared with the simulation results. Al-
though it may seem that there is a considerable cross-polariza-
tion radiation due to the presence of spiral slots at the termi-
nations, there is no such component in the principal planes as
well as the planes since the geometry is symmetric
with respect to those planes. The cross polarization appeared
in these measurements is mainly caused by radiation from the
edges as well as the feed cable. The contribution of the anechoic
chamber, giving rise to the cross-polarized component at the low
frequency of 300 MHz, is also a factor. The radiated field of the
antenna is always capable of inducing currents on the feeding
cable, especially when the ground plane size is very small com-
pared to the wavelength. Then, the induced currents re-radiate
and give rise to the cross polarization. Nevertheless, both of the
above mentioned sources for the cross polarization can be elim-
inated by increasing the ground plane size.

VI. CONCLUSION

In this paper, a procedure for designing a new class of minia-
turized slot antennas was proposed. In this design the area oc-
cupied by the antenna can be chosen to be arbitrarily small, de-
pending on the applications at hand and the tradeoff between
the antenna size and the required bandwidth. As an example, an
antenna with the dimensions was designed at
300 MHz and perfectly matched to a 50transmission line.
In this prototype, a substrate with a low dielectric constant of

was used to ensure that the dielectric material would
not contribute to the antenna miniaturization. An equivalent cir-
cuit for the antenna was developed, which provided the guide-
lines necessary for designing a compact lossless matching net-
work for the antenna. To validate the design procedure, a proto-
type antenna was fabricated and measured at 300 MHz. A per-
fect match for this very small antenna was demonstrated with
a moderate gain of 3.0 dBi when the antenna is fabricated on
a very small ground plane with the approximate dimensions of
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. The gain of this antenna can increase to that of
a half-wave dipole when a slightly larger ground plane of about

is used. The fractional bandwidth for this antenna
was measured to be 0.034%.
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Design of an Efficient Miniaturized UHF
Planar Antenna

Kamal Sarabandi, Fellow, IEEE,and Reza Azadegan, Student Member, IEEE

Abstract—In this paper, the design aspects and the measured
results of a novel miniaturized planar antenna are described.
Such architectural antenna design is of great importance in
mobile military communications where low visibility and high
mobility are required. Slot radiating elements, having a planar
geometry and capable of transmitting vertical polarization when
placed nearly horizontal, are appropriate for the applications
at hand. Slot antennas also have another useful property, so far
as impedance matching is concerned. Basically, slot dipoles can
easily be excited by a microstrip line and can be matched to
arbitrary line impedances simply by moving the feed point along
the slot. Antenna miniaturization can be achieved by using a high
permittivity or permeability substrate and superstrate materials
and/or using an appropriate antenna topology. Here, we demon-
strate miniaturization by designing an appropriate geometry for
a resonant narrow slot antenna. A very efficient radiating element
that occupies an area as small as0 12 0 0 12 0 is designed
and tested. Simulation results, as well as the measured input
impedance and radiation patterns of this antenna, are presented.
This structure shows a measured gain of 0.5 dBi on FR4 substrate,
which has a loss-tangent of the order of 0.01. Also, the effect
of finite ground plane size on gain and resonant frequency is
investigated experimentally.

Index Terms—Miniaturized antennas, small antennas, slot
antennas.

I. INTRODUCTION

W ITH THE advent of wireless technology and ever in-
creasing demand for high data rate mobile communi-

cations the number of radios on military mobile platforms has
reached a point that the available real estate for these antennas
has become a serious issue. Similar problems are also emerging
in the commercial sector where the number of wireless services
planned for future automobiles, such as FM and CD radios,
analog and digital cell phones, GPS, keyless entry, etc., is on
the rise.

To circumvent the aforementioned difficulties to some ex-
tent, antenna miniaturization and/or compact multifunctional
antennas must be considered. The subject of antenna miniatur-
ization is not new. Literature concerning this subject dates back
to the early 1940s [1], [2]. To our knowledge, the fundamental
limitations of small antennas were first addressed by Chu in
1948 [2]. Using a multipole expansion and a clever equivalent
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circuit model, Chu was able to derive the Q factor of the equiv-
alent circuit for each spherical mode in terms of the normalized
radius of the smallest sphere enclosing the antenna. In [2]
it is also shown that the Q of the lowest order mode is a lower
bound for the Q of a single resonant antenna. This subject was
revisited by Wheeler [3], Harrington [4], and Collins [5]. In [5],
a similar procedure is used for characterization of a small dipole
antenna using cylindrical wave functions. Then a cylindrical en-
closing surface is used which produces a tighter lower bound for
the Q of small antennas with large aspect ratios such as dipoles
and helical antennas. Qualitatively, these studies show that for
single resonant antennas, the smaller the maximum dimension
of an antenna, the higher is its Q or, equivalently, the lower is
its bandwidth [6]. However, in these papers no discussion is
provided about miniaturization methods, antenna topology, or
impedance matching.

Considering wave propagation where line-of-sight communi-
cation is an unlikely event, such as in an urban environment or
over irregular terrain, carrier frequencies at the HF–UHF band
are commonly used. At these frequencies, there is considerable
penetration through vegetation and buildings, wave diffraction
around obstacles, and wave propagation over curved surfaces.
However, at these frequencies, the size of efficient antennas are
relatively large, and therefore, a large number of such antennas
may not fit in the available space without the risks of mutual
coupling and co-site interference. Efficient antennas require di-
mensions of the order of half a wavelength for single frequency
operation. To cover a wide frequency range, broadband antennas
may be used. However, dimensions of these antennas are com-
parable to or larger than the wavelength at the lowest frequency.
Besides, depending on the applications, the polarization and the
direction of maximum directivity for different wireless systems
operating at different frequencies may be different and hence a
single broadband antenna may not be sufficient. It should also
be noted that any type of broadband antenna is highly suscep-
tible to electronic warfare jamming techniques. Variations of
monopole and dipole antennas in use today are prohibitively
large and bulky at HF through VHF.

In this paper, the topology of an efficient, miniaturized, res-
onant slot antenna is presented, and then its radiation, input
impedance, and bandwidth characteristics are investigated. This
class of antennas can simultaneously exhibit band selectivity
and antijam characteristics in addition to possessing a planar
structure and low profile, which is easily integrable with other
RF and microwave circuits.

In what follows, we first investigate the design aspects of a
miniaturized resonant slot spiral (coiled dipole) at low frequen-
cies. It is shown that although a very good impedance match
can be achieved, these antennas do not radiate efficiently. Then,
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(a) (b)

Fig. 1. The geometry of an (a) equiangular and (b) cornu resonant spiral antennas.

an alternate novel design for the construction of an efficient
miniature antenna is considered, and the design aspects, in ad-
dition to the simulated results, are described. In Section III, the
measured radiation characteristics of a prototype miniaturized
antenna operating around 600 MHz is presented to validate
the design procedures and simulations. Finally the effect of
the finite size ground plane on this type of slot antenna is
addressed.

II. DESIGN OF AMINIATURIZED UHF ANTENNA

Equiangular and Archimedean spiral antennas [7], [8] are
commonly used as broadband antennas. These antennas usu-
ally have an arm length larger than a wavelength. Not much has
been reported about the performance of spiral antennas when the
arm length is half of the guided wavelength (a resonance condi-
tion). One obvious reason is that slot spiral antennas are usually
center fed where at the first resonance the input impedance is
very high and impedance matching becomes practically impos-
sible. However, if we allow the feed point to be moved to one
end of the arm, impedance matching to transmission lines with
typical characteristic impedances seems possible.

First, an equiangular spiral slot, as shown in Fig.1 (a), is con-
sidered. Using electrostatic analysis, the guide wavelength of a
slot line with finite ground plane was calculated. The calculated
guide wavelength was used to design an arm length of .
The spiral was fed from the outer end using a microstrip line.
The location of feed point along the arm was found by trial
and error until a good match was achieved. Also, a slot dipole

coil around two center points (cornu spiral) as shown in
Fig.1 (b) was considered. For this antenna, the microstrip feed
was coiled around one arm on the other side of the substrate
(over the ground plane) in order to feed the slot near an end
point. Again by trial and error the location of feed point for best
impedance match was found. A return loss of better than 20 dB
for these antennas was obtained. However, gain measurement
of these antennas showed poor radiation efficiencies (less than

10 dB.) The efficiency of the cornu spiral was higher than the
simple spiral antenna, however, neither showed an acceptable
level of antenna efficiency. Far-field pattern and gain measure-
ments at 60 MHz were carried out in an outdoor slant range
using a boom truck and two antenna positioners.

The main problem in these designs seems to stem from the
fact that the far-field generated by opposing equivalent mag-
netic currents along a resonant spiral antenna tend to cancel.
To investigate whether ohmic losses are responsible for the
low antenna efficiency, a similar antenna having the same
geometry and substrate dielectric constant were constructed
using a different dielectric quality factor and copper thickness.
It was found that ohmic losses were not responsible for the
lack of antenna efficiency to the degree observed in our mea-
surements. By putting absorbers around the feed cable and
antenna positioner, it was found that these antennas produce a
very strong near field which can excite current on the nearby
objects, such as the cable feeding them and the antenna posi-
tioner. The current induced on these objects in turn radiated
the input power, but not necessarily in the direction of the
maximum antenna radiation pattern.

A different topology for a miniaturized resonant slot dipole
is sought that does not have the drawbacks of the previously
discussed spiral and cornu geometries. A major reduction in
size is achieved by noting that a slot dipole can be considered
as transmission line resonator where at the lowest resonant
frequency the magnetic current (transverse electric field in
the slot) goes to zero at each end of the dipole antenna. As
mentioned before at this frequency the antenna length
where is the wavelength of the quasi-TEM mode supported
by the slot line. is a function of substrate thickness, dielectric
constant, and the slot width, which is shorter than the free-space
wavelength. In view of transmission line resonators, one can
also make a quarter-wave resonator by creating a short circuit
at one end and an open circuit at the other end. However,
creating a physical open circuit for slot lines is not practical.
The new design borrows the idea of nonradiating tightly coiled
slot spiral from the previous design. Basically, a spiral slot of a
quarter wavelength and shorted at one end behaves as an open
circuit at the resonant frequency. Therefore, a quarter-wave
slot line short-circuited at one end and terminated by the
nonradiating quarter-wave spiral should resonate and radiate
electromagnetic waves very efficiently. With this topology the
size of the slot dipole can be reduced by approximately 50%.
Further reduction can be accomplished by bending the radiating
section. This bending procedure should be done so that no
section of the resulting line geometry carries a magnetic current

Microstiip Feed 
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Fig. 2. Magnetic current distribution on the UHF miniaturized slot antenna at the resonance frequency (600 MHz). The figure shows the ground-plane side of
the antenna and the meshing configuration used in the method of moments calculations. PiCASSO software was used in these calculations.

opposing the current on any other sections. Fig. 2 shows the
geometry of a typical compact resonating slot antenna. The
radiating section is terminated with two identical quarter-wave
nonradiating spiral slots to maintain the symmetry. It was found
that by splitting the magnetic current at the end into equal and
opposing magnetic currents the radiation efficiency is enhanced.
Since the magnetic current distribution attains its maximum
at the end of the quarter-wave line, the magnetic current in
the beginning segments of a single (unbalanced) quarter-wave
spiral reduces the radiation of the radiating section. But the
opposite magnetic currents on two such spirals simply cancel
the radiated field of each other, and as a result, the radiated field
of the radiating section remains intact. Some additional size
reduction can also be achieved, by noting that the strength of the
magnetic current near the short-circuited end of the radiating
section is insignificant. Hence, bending this section of the line
does not significantly reduce the radiation efficiency despite
allowing opposing currents. In Fig. 2 the T-top represents a
small reduction in length of the line without affecting the
radiation efficiency. This antenna is fed by an open ended
microstrip line. A quarter wavelength line corresponds to a
short-circuit line under the slot. However, using the length of
the microstrip line as an adjustable parameter, the reactive part
of the antenna input impedance can be compensated for.

Figs. 2 and 3, respectively, show the electric current distribu-
tion on the microstrip feed and the magnetic current distribution
on the slot of the compact UHF antenna designed to operate at
600 MHz. For this design, we chose an ordinary FR4 substrate
with thickness of 3 mm (120 mil) and dielectric constant .
PiCASSO software was used for the simulations of this antenna

[9]. The microstrip feed is constructed from two sections: 1) a
50 line section and 2) an open-ended 80line. The 80 line
is thinner which allows for compact and localized feeding of the
slot. The length of this line is adjusted to compensate for the re-
active component of the slot input impedance. Noting that the
slot appears as a series load in the microstrip transmission line,
a line length of less than compensates for an inductive
reactance and a line length of longer than compensates
for a capacitive reactance. Here, is the guided wavelength
on the microstrip line. First, a quarter wavelength section was
chosen for the length of the microstrip line feeding the slot. In
this case, the simulation predicts the impedance of the slot an-
tenna alone. Through this simulation, it was found that the slot
antenna fed near the edge is inductive. So, a length less than

is chosen for the open-ended microstrip line to compen-
sate for the inductive load. The real part of input impedance of
a slot dipole depends on the feed location along the slot and
increases from zero at the short-circuited end to about 2000
at the center (quarter wavelength from the short circuit). This
property of the slot dipole allows for matching to almost all
practical transmission lines. The crossing of the microstrip line
over the slot was determined using the full-wave analysis tool,
(PiCASSO) and by trial-and-error. The uniform current distri-
bution over the 50 line section indicates no standing wave pat-
tern, which is a result of a very good input impedance match.

Apart from the T-top section, the quarter-wave radiating sec-
tion of the slot dipole is composed of three slot line sections, two
vertical and one horizontal. Significant radiation emanates from
the middle and lower sections. Polarization of the antenna can
be chosen by changing the relative size of these two sections.
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Fig. 3. Electric current distribution on the microstrip feed of the slot antenna
at the resonant frequency.

(a)

(b)

Fig. 4. Simulated reflection coefficient of the miniaturized UHF antenna on
an infinite ground plane. (a) Smith chart representation. (b) Magnitude ofjS j
in logarithmic scale.

Fig. 5. Measured magnitude of reflection coefficient of three miniaturized
UHF slot antennas, described in Table I and shown Fig. 7, all having the same
size and geometry, but with a different ground plane sizes.

Fig. 6. Simulated gain of the UHF miniaturized antenna on an infinite
substrate with� = 4:0(1 � j tan �).

In this design the relative lengths of the three line sections were
chosen in order to minimize the area occupied by the slot struc-
ture. The slot width of the first section can be varied in order
to obtain an impedance match as well. When there is a limita-
tion in moving the microstrip and slot line crossing point, the
slot width may be changed. At a given point from the short-cir-
cuited end, an impedance match to a lower line impedance can
be achieved when the slot width is narrowed. This was used in
this design, as the slot line width of the top vertical section is
narrower than the other two sections. It should be pointed out
that, by narrowing the slot line width, the magnetic current den-
sity increases but the total magnetic current in the line does not.
In other words, there is no discontinuity in the magnetic current
along the line at points where the slot width is changed, however,
there are other consequences. One is the change in the char-
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Fig. 7. A photograph of three miniaturized UHF antennas. As shown, all three slot antennas have the same geometry and dimensions. The only difference is the
size of the ground.

acteristic impedance of the line, and the second is the change
in the antenna efficiency, considering the finite conductivity of
the ground plane. There are two components of electric current
flowing on the ground plane, one component flows parallel to
the edge and the other is perpendicular. For narrow slots, the
current density of the parallel component near the edge goes up,
and as a result, this current sees a higher ohmic resistance. The
magnetic current over the T-top section is very low and does not
contribute to the radiated field but its length affects the resonant
frequency. Half the length of the T-top section originally was
part of the first vertical section, which is removed and placed
horizontally to lower the vertical extent of the antenna.

The slot line sections were chosen so that a resonant fre-
quency of 600 MHz was achieved. At this frequency the slot
antenna occupies an area of or in terms of the
free-space wavelength . Fig. 4 (a) and (b), re-
spectively, show the simulated input impedance and return loss
of the miniaturized UHF antenna as a function of frequency. It
is shown that the 1.2 VSWR (10 dB return loss) bandwidth of
this antenna is around 6 MHz, which corresponds to a 1% frac-
tional bandwidth. This low bandwidth is characteristic of minia-
turized and resonant slot dipoles. The simulation also shows a
weak resonance, which may be caused by the interaction be-
tween the radiating element and the nonradiating spirals. In fact,
careful examination of the magnetic current distributions over
the nonradiating spirals shows the asymmetry caused by the near
field interaction of the radiating element with the nonradiating
spirals.

The polarization of this antenna may appear to be rather
unpredictable at a first glance due to its convoluted geometry.
However, it can be conjectured that the polarization of any
miniaturized antenna whose dimensions are much smaller than
a wavelength cannot be anything other than linear. This is
basically because of the fact that the small electrical size of the
antenna does not allow for a phase shift between two orthogonal

TABLE I
RESONANT FREQUENCIESGAINS AND THE GROUND PLANE SIZES OFTHREE

IDENTICAL UHF MINIATURIZED SLOT ANTENNAS. HERE THEEFFECT OF

GROUND PLANE SIZE ON THE RESONANT FREQUENCY AND ANTENNA

GAIN IS DEMONSTRATED

components of the radiated field required for producing an
elliptical polarization. Hence, by rotating the antenna a desired
linear polarization along a given direction can be obtained.

III. REALIZATION AND MEASUREMENTS

An antenna based on the layout shown in Figs. 2 and 3 was
made on a FR4 printed-circuit-board. In the first realization, the
size of the ground plane was chosen to be . The
return loss of this antenna was measured with a network analyzer
and the result is shown by the solid line in Fig. 5. It is noticed
that the resonant frequency of this antenna is at 568 MHz,
which is significantly lower than what was predicted by the
simulation. Also, the measured return loss for the designed
microstrip feed line (not shown here) was around10 dB.
To get a better return loss the length of the microstrip line
had to be extended slightly. Fig. 5 shows the measured return
loss after the modification. The gain of this antenna was also
measured against a calibrated antenna. Under a polarization
matched condition a gain of 5.0 dBi (gain in dB against an
isotropic radiator) is measured. The simulated gain value of
this antenna using an infinite ground plane and
is found to be 2.8 dBi. The difference in the simulation results
and the measured ones can be attributed to the finiteness of
the ground plane, finite conductivity of the ground plane, and

Ground Plane Size Resonant Frequency Gain (dBi) 
Antenna 1 8.5 cm x 11 em 568 MHz -5.0 
Antenna 2 12cmx 13 cm 577 MHz -2.0 
Antenna 3 22.5 cm x 25 cm 592 MHz 0.5 
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Fig. 8. E- and H-planes of the antenna under test characterized experimentally.
Co- and cross-polarized pattern measurements are performed in these two
principal planes.

the loss tangent of the substrate. The effect of the imaginary
part of the substrate dielectric constant can
be quantified using a numerical simulation. Fig. 6 shows the
simulated gain values of this antenna as a function ofwith
an infinite ground plane. It is shown that, as expected, the
gain is decreased when the loss tangent is increased. Hence,
it is very important to use substrates with a very low loss
tangent. The FR4 used for this antenna has a loss tangent

at UHF. To investigate the effect of ground
plane size on the resonance frequency and radiation efficiency,
two more antennas having the same geometry and dimensions
but with different ground plane sizes were made. The measured
resonant frequencies are also shown in Fig. 5. Fig. 7 shows the
photograph of these antennas. The dimensions of the ground
planes and the measured gain of these antennas are reported
in Table I. As expected the resonant frequency and the gain
of the antenna approaches predicted values as the size of the
ground plane is increased. The gain of Antenna 3 is almost
as high as the gain of an ideal dipole considering the loss
tangent of the substrate used in these experiments.

The gain reduction as a function of ground plane size can be
explained by noting that the equivalent magnetic currents that
flow in the upper and lower side of the ground plane are in op-
posite directions. In the case of infinite ground plane, the upper
and lower half spaces are electromagnetically decoupled. How-
ever, when the ground plane is finite and small compared to the
wavelength the radiated field from the lower half space can re-
duce the radiated field from the magnetic current in the upper
half space. The level of back radiation depends on the size of the
ground plane; that is, the smaller the ground plane the higher
the back radiation. Ignoring the substrate , radiation
from the upper and lower magnetic currents completely cancel
each other in the plane of the perfect conductor (creates a null
in the radiation pattern). However, because of the substrate and
depending on its thickness and relative dielectric constant, a per-
fect cancellation does not occur. This explains the discrepancies
observed between the measured and predicted radiation patterns
(for infinite ground plane). Also, there are strong edge currents
on the periphery of a finite ground which decrease as the size
of the ground plane is increased. The confined currents around

(a)

(b)

Fig. 9. Co- and cross-polarized pattern of the miniaturized UHF antenna in (a)
H-plane and (b) E-plane.

the edge experience an ohmic loss which is responsible for the
decrease in the antenna gain.

The radiation patterns of these antennas were also measured
at the University of Michigan anechoic chamber. A linearly
polarized antenna was used as the reference. First, the po-
larization of the antenna was determined at the direction of
maximum radiation (normal to the ground plane). Then by
rotating the antenna under test about the direction of max-
imum radiation, it was found that indeed the polarization of
the miniaturized antenna is linear. Fig. 8 shows the direction
of maximum radiation, the direction of electric filed (polariza-
tion), and magnetic field at the antenna boresight. Figs.9 (a)
and (b) show the co- and cross-polarized antenna patterns in
the H- and E-planes, respectively. It is shown that the an-
tenna polarization remains linear on these principal planes.
As discussed before, the E-plane gain in the plane of the
ground plane drops because of the finiteness of
the ground plane. If the substrate were to be removed, the
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E-plane gain in the plane of the conductor would drop to zero.
Hence, having a thick substrate helps achieve a more uniform
pattern. Thick and high permittivity substrate also increases
front-to-back radiation ratio. Since our substrate thickness is
only a small fraction of the wavelength, almost similar gain
values are measured in the upper and lower half spaces.

It is worth mentioning that further miniaturization can easily
be accomplished by increasing the dielectric constant of the sub-
strate. In this case, the guide wavelength shortens which in turn
allows for a smaller antenna. As mentioned in Section I, further
antenna miniaturization is accompanied by a reduction of the
antenna bandwidth. Also, confining the electric currents on the
ground plane into a smaller area results in a higher ohmic loss
or equivalently lower antenna efficiency.

IV. CONCLUSION

A novel topology for designing an electrically small reso-
nant slot antenna is demonstrated. A major size reduction was
achieved by constructing a resonant slot rather than the
traditional antenna. This is accomplished by generating a
virtual open circuit at one end of the slot. Further miniaturiza-
tion was achieved by bending the slot into three pieces in order
to use the area of the board more efficiently. The antenna geom-
etry occupies a very small area of a PC board with

and thickness 3 mm. The antenna is very efficient and
shows a gain as high as a dipole antenna and a 1% bandwidth.
It is also shown that if the antenna is made on a small ground
plane its gain will be reduced and its radiation pattern changes
slightly.
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Low-Voltage RF MEMS Switches
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Abstract—This paper reports on the design, fabrication, and
testing of a low-actuation voltage Microelectromechanical systems
(MEMS) switch for high-frequency applications. The mechanical
design of low spring-constant folded-suspension beams is pre-
sented first, and switches using these beams are demonstrated
with measured actuation voltages of as low as 6 V. Furthermore,
common nonidealities such as residual in-plane and gradient
stress, as well as down-state stiction problems are addressed, and
possible solutions are discussed. Finally, both experimental and
theoretical data for the dynamic behavior of these devices are
presented. The results of this paper clearly underline the need
of an integrated design approach for the development of ultra
low-voltage RF MEMS switches.

Index Terms—Low actuation voltage, microelectromechanical
systems (MEMS) switches, residual stress, spring constant,
switching speed, top-electrode switches.

I. INTRODUCTION

M ICROMACHINING and microelectromechanical sys-
tems (MEMS) are among the most promising enabling

technologies for developing low-power low-cost miniaturized
RF components for high-frequency applications. Several uni-
versities and companies have developed RF MEMS switches
[1]–[8] in the last decade that can be primarily classified as:
1) series or shunt; 2) fixed–fixed membranes or cantilever
beams; and 3) capacitive or metal-to-metal contact type [9].
The main driving force behind this major research effort is
the outstanding demonstrated RF performance of the MEMS
switches from dc to 100 GHz compared to p-i-n diodes or
FET transistors. Furthermore, electrostatically driven switches
require only a few microwatts of dc power compared to several
milliwatts that their solid-state counterparts dissipate. It is
for this reason, as well as for the simplicity of their biasing
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networks, that most of the developed switches are electrostatic
in nature.

These studies, however, have only limited their focus on
the RF performance of MEMS switches and have provided
little information on several important phenomena directly
related to the inherent electromechanical characteristics of
these structures. Their sheer interdisciplinary nature imposes
a very tight coupling between the electrical and mechanical
domains. For instance, thin-film residual stress and viscous
damping may have a far greater influence on the performance
of the device than intuitively anticipated. Moreover, the vast
majority of the switches in the literature typically require
a pull-in and hold-down voltage of 40–100 and 15–30 V,
respectively. Whereas no difficulty exists in achieving these
ranges in a typical laboratory environment, they may be quite
challenging for handheld mobile phones, automotive vehicles,
and similar wireless devices that rely on low-voltage power
supplies. In addition, Goldsmithet al. [16] have shown that the
lifetime of capacitive switches strongly depends on the applied
actuation voltage. In particular, for capacitance switches, they
experimentally observed a lifetime improvement of a decade
for every 5–7-V drop on the switch pull-in voltage. Conse-
quently, reducing the actuation voltage of MEMS switches
may not only broaden the range of their possible applications,
but also significantly enhance their performance. It would
seem, therefore, that further investigations are needed in order
to provide the MEMS engineer with complete and accurate
information on the design and operation of these devices.

It is the purpose of this paper to present the results of our in-
vestigation on these issues. First, in Section II, we focus on the
design of the low spring-constant beams that support the main
switch structure. We also demonstrate a number of designs that
resulted in switches with pull-in voltages of as low as 6 V. Sec-
tion III discusses the effects of residual axial and gradient stress
on the device performance and shows how minor design and
fabrication details may have a significant impact on the final
structure. Section IV concludes our study by presenting exper-
imental and theoretical results on the dynamic behavior of the
low-voltage MEMS switch.

II. SPRING CONSTANT AND ACTUATION VOLTAGE

A. Design

The mechanical design of most electrostatically based
switches starts with considering the required dc actuation
voltage. Equation (1) presents a widely cited formula (e.g., [8])

0018-9480/03$17.00 © 2003 IEEE
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Fig. 1. SEM picture of the proposed low-voltage capacitive shunt switch over
a CPW line.

for calculating the pull-in voltage of fixed-fixed beams or air
bridges as follows:

(1)

is the equivalent spring constant of the moving structure in
the direction of desired motion (typically the-direction), is
the gap between the switch and the actuation electrode,is
the free-space permittivity, and is the switch area where the
electrostatic force is applied. Equation (1) implies that there are
several ways that may decrease the required actuation voltage.
For instance, reducing can significantly lower the pull-in
voltage. Although this solution can be partly applied to low-
frequency applications (10 GHz), it will adversely affect the
high-frequency off-state switch performance by compromising
the switch isolation (for a series switch) or insertion loss (for a
shunt switch). A second approach in lowering the pull-in voltage
would be to increase the actuation area. This area, however,
has to stay within reasonable limits, primarily imposed by our
desire for miniaturized circuits. The third alternative, which of-
fers the maximum design flexibility for a low-to-moderate ac-
tuation voltage, is to lower the switch spring constant, hence,
designing a compliant switch.

Fig. 1 shows an SEM picture of our proposed switch in a
coplanar waveguide (CPW) configuration. The switch consists
of three movable metallic plates, one over each conductor of the
CPW line. These plates are connected together with three short
beams (connecting beams) and the whole structure is connected
to the substrate at four points (anchors) through four beams.
Due to their shape, we will call these beams serpentine springs
or folded-suspension beams. The switch is typically suspended
3–4 m above the CPW line and is electrostatically actuated
when a dc voltage is applied between the switch and the CPW
ground planes.

B. Fabrication

The fabrication process is fairly simple, requires only four
masks, and is described in detail in [10]. The CPW line is typ-

ically made of Ti/Au (500/9000 ) and is defined first through
a liftoff process. A plasma-enhanced chemical vapor deposition
(PECVD) of approximately 1400–2000Si N follows. Since
the switch is made of metal (typically Ni), this dielectric layer is
primarily needed during the actuation stage to prevent a direct dc
contact between the switch and CPW line. Therefore, a positive
photoresist intended to protect the SiN underneath the switch
is deposited with a normal lithography and the remaining dielec-
tric layer is etched through a reactive ion etching (RIE) process.
After the photoresist removal, the sacrificial layer (polyimide or
photoresist) is deposited and the switch anchor points are pho-
tolithographically defined. Afterwards, a seed layer (typically
Ti/Ni 2000/500 ), is deposited, patterned, and electroplated.
The last step is the removal of the sacrificial layer and the su-
percritical CO drying of the structure.

C. Spring Design

Since the mathematical details of the electrostatic actuation
[including (1)] have been extensively analyzed in the past [17],
[18], we will just briefly describe the basic principle here. When
no dc bias is applied, the switch presents a very small shunt ca-
pacitance (typically in the order of 30–50 fF) between the center
conductor and ground planes. This is called the up or off state
and the RF signal can propagate with minimal loss (typically
with 0.1 dB at -band). On the other hand, if the applied bias
exceeds the actuation voltage, the switch collapses on the di-
electric layer underneath, resulting in a significant shunt capac-
itance, which is equivalent to an RF short circuit. This is called
the down or on state and virtually all the incident RF power is
reflected back to the source.

As was previously mentioned, the switch of Fig. 1 is con-
nected to the substrate through four serpentine springs that are
used to substantially lower the switch spring constant. Ifis
the -directed spring constant for each one of the springs, the
total switch spring constant is given by

(2)

Compared to simple cantilever beams of equal total length,
these springs have the additional advantage of occupying
considerable less space, but they also show higher spring
constant. As will be shown, however, adding more meanders
can significantly lower it without excessively increasing the
required space. In the following, we calculate the spring
constant of an -section meander [see Fig. 2(a)] when a virtual
force is applied at its free end. An analytical solution for a
similar folded meander has been obtained by Fedder [19] and
our analysis is based on his study.

Each meander of the whole spring is defined as the set of
four beams: two primary beams of lengthand two secondary
beams of length. Therefore, an -meander spring has 2pri-
mary beams and 2 secondary beams. The switch shown in
Fig. 1, for instance, has a single-section meander ( ) with

m and m. All the necessary dimensions and
material constants for our switch are given in Table I. For the an-
alytical calculation, it is assumed that all six degrees of freedom
of the anchor point [point A in Fig. 2(a)] are fixed. Moreover,
the guided-end boundary conditions are applied for the free-end
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Fig. 2. (a) Schematic (drawn to scale) of anN -meander serpentine spring.
(b) Forces, torques, and moments in themth meander.

point of the spring since this point is attached to the main switch
body. Consequently, a moment and a torsion are applied
to this point to constrain the rotation angles around the- and
-axes. The torsion and moment of each beam are then given by

[19] [see Fig. 2(b)]

(3)

TABLE I
PHYSICAL DIMENSIONS AND MATERIAL CONSTANTS FOR THE

LOW-VOLTAGE SWITCH

where and ( and ) are the moment and torsion
of the th primary beam (th secondary beam) with to

( to ). In these equations, is the longitudinal
dimension along each one of the beams.

Following the virtual work method, the total elastic strain en-
ergy of the meander is given by

(4)

where , , , and are defined in Table I. Finally, the spring
constant is given by

(5)

along with the boundary conditions

and (6)

These equations lead to the following expressions for the reac-
tions and :

(7)

(8)

and for the spring constant

(9)

*a^ 

^oFz —» 

AMO 

Primary meander length (a) 20 fim 
Secondary meander length (6) 240/im 

Switch thickness (t) 2 /im 
Beam width (both beams) (w) 5 /xm 

Ni Young's modulus (E) 207 GPa 
Ni Poisson's ratio {v) 0.31 

Shear modulus (G) E/{2{l+u)) 
x-axis moment of inertia (Ix) wt6/\2 
z-axis moment of inertia (Iz) twA/12 
polar moment of inertia (Ip) lx + h 

Torsion constant (J) 0.413/p (see [20]) 
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Fig. 3. Analytically computed and FEM simulated results of thez-directed
spring constant of anN -section meander.

Although (9) is lengthy, it is written in an intuitive way that
may facilitate the design of these meanders or similar beams.
The first two terms of the denominator represent the percentage
of the spring constant that is due to beam bending (first term)
and twisting (second term). In other words, these terms depend
solely on the meander geometry and the ability of the beam ma-
terial to bend and twist. The last two terms of the denominator
are due to the boundary conditions of the meander moving end
and correspond to its inability to rotate around the- and -axes.
These two terms may have comparable magnitude to the first
two and considerably increase the switch spring constant.

Equation (9) was verified by a commercially available
finite-element method (FEM) code [21]. The dimensions of
Table I were input in the code and several linear simulations
were performed for springs with 1–5 meanders. For each
simulation, a concentrated-directed force of N
was applied at the tip of the spring along with the necessary
guided-end boundary conditions. The resulting deflection
was then computed and the FEM spring constant was extracted
as . Excellent agreement between the
analytically and numerically computed spring constants is
observed in Fig. 3, which graphically presents the two spring
constants as a function of the number of the meanders. This
graph also illustrates that the serpentine spring constant is
not significantly reduced after including four or five meander
sections. Hence, three or four meanders would be a good
compromise between low spring-constant requirements and
space limitations.

D. Actuation Voltage Measurements

Five switch designs with 1–5 meanders in their folded sus-
pensions were fabricated and measured. Except for the serpen-
tine springs, all designs were identical and were fabricated on
the same wafer by the same fabrication process. For each de-
sign, we measured the pull-in voltage using an HP 4275A mul-
tifrequency LCR meter with an internal bias option. These mea-
surements are presented in Table II, which also compares the ex-
tracted switch spring constant from the measured pull-in voltage
[based on (1)] with the corresponding theoretical results. The
theoretical values have been calculated for a switch thickness of

m (because of over-plating in the fabricated switches)

TABLE II
ACTUATION VOLTAGE MEASUREMENTS FORSEVERAL MEMS SWITCHES

Fig. 4. Measured dc switch capacitance as a function of the applied bias
voltage and number of meanders.

and an initial gap of m. The reason for this higher
gap is that, although the sacrificial layer thickness was 4m,
the induced residual stress across the structure caused a slight
out-of-plane deflection, which, on average, increased the total
distance from the substrate to 5m. We will discuss stress is-
sues in more detail in Section III. Fig. 4 also shows the measured
dc capacitance of the switches as a function of the applied bias
voltage and the number of meanders.

These data reveal several discrepancies between the simulated
and measured results. The first dissimilarity is the fact that
the measured pull-in voltages are 5–10 times higher than the
theoretically calculated ones. The second and most interesting
one is related to the percentage of the spring-constant reduction
as the number of meanders is increased. For example, when
the number of meanders was increased from one to two,
the experimentally extracted spring constant was decreased
by 46%, while the theoretical calculations predicted 53%.
Although these results are in fair agreement, this is not the
case for switches with more meanders. The switches with five
meanders, for instance, had 70% lower spring constant than
the ones with four. According to (9), however, this number
should be close to 30%. Fig. 5 graphically illustrates these
observations for all cases. All these issues are due to the
high intrinsic axial stress built into the Ni layer during the
fabrication and are studied in Section III.

E. Stiction and Top Electrode Design

Although low spring constant is essential in obtaining low-
voltage switches, preventing down-state stiction is equally
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Fig. 5. Experimental and theoretical percentage change of the switch spring
constant as the number of meanders is increased.

Fig. 6. Top electrode concept and fabrication process. (a) 2500�A of SiO are
deposited on top of the switch followed by a second sacrificial layer. (b) The top
electrode is electroplated in a low-stress Au solution. (c) The whole structure is
released by etching the sacrificial layers followed by a standard supercritical
drying process.

important. A low-voltage switch experiences a relatively weak
restoring force while in the down state, which may not be
sufficiently high to pull the switch up, particularly in humid
or contaminated environments. This drawback of this family
of switches can be overcome by including top electrodes.
Fig. 6 illustrates the idea of fabricating a metallic plate (top
electrode) above the switch. By applying a dc voltage between
this top electrode and switch, the switch can be pulled up from
the down state, even if the restoring force is not sufficiently
high.

Fig. 7 shows an example of a four-meander switch with top
electrodes over the dc switch pads. There is no electrode sus-
pended above the center conductor pad because such an elec-

Fig. 7. Four-meander switch with top electrodes. Each top electrode
is approximately 5–6-�m thick and is fabricated with a low-stress Au
electroplated process.

trode would significantly deteriorate the up-state switch capac-
itance. These top electrodes are very stiff fixed–fixed plates
(5–6- m-thick low-stress electroplated Au) with a spring con-
stant higher than 2300 N/m. Any movement of these electrodes
would require voltages in excess of 250 V and, compared with
the switch, they can be considered as static plates. Additionally,
they provide stabilization to the overall switch structure against
severe mechanical shocks. Measured and theoretical results of
switches with top electrodes and power measurements of the
same switches are reported in [22].

III. I NTRINSIC RESIDUAL STRESSISSUES

Although the previous analysis allows for a first estimate
of the switch spring constant and pull-in voltage, it does
not account for any intrinsic residual stress on the structure.
Residual stress, however, is developed during the fabrication
of most microstructures and typically presents most of the
major challenges in developing these devices. Under this stress,
thin-film structures can experience undesirable deformations,
which may be significant, particularly for high-aspect ratio
structures. Additionally, many MEMS switches must satisfy
very stringent requirements for reliable performance, including
being planar over the circuit underneath it. Any undesirable
buckling or curling may easily deteriorate the performance of
the switch, or lead to the complete failure of the device. A lot
of attention, therefore, has to be paid to residual stress and its
effects on compliant structures before any successful devices
can be developed.

When a thin film is deposited on a sacrificial layer at a
temperature lower than its flow temperature, then intrinsic
stresses develop in the film-sacrificial layer system [23]. A
number of studies have been already performed to theoretically
explain the mechanisms of these stresses [24], [25] and to
experimentally measure their effects [26], [27]. Nonetheless, in
general, thin-film stress is complicated and heavily depends
on the specifics of the fabrication process. There is also
very little information for metallic microstructures built by
thin-films depositions and effective ways that can control its
stress and/or its effects. This section illuminates the most
important stress-related challenges for developing low-voltage
switches.
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Fig. 8. Thin-film residual-stress approximation.

Fig. 9. Switches with considerable deflection as a result of a poorly designed
fabrication process.

A. Gradient Residual Stress

A general uniaxial residual stress field in a thin film can be
represented as [26]

(10)

where is the film thickness and is the coor-
dinate across the film thickness, with its origin at the mid-plane
of the film. For a first-order approximation, the total stress can
be calculated as

(11)

This equation implies that the total stress can be expressed as a
superposition of the constant mean stress(positive or nega-
tive depending on whether the film is in tension or compression)
and a gradient stress about the mid-plane (see Fig. 8). The ef-
fects of the gradient stress are analyzed in this subsection and
those of the mean stress in the following one.

It is widely known that residual gradient stress causes unde-
sirable out-of-plane deformation. Fig. 9 shows two examples of
extremely warped switches. These switches were 4-m thick
and the maximum deformation, defined as the distance between
the higher and lower switch points, was on average 30m.
This deformation was recorded for switches 640-m long (not
counting the length of the meanders), but increased to 70–80m
for switches close to 1-mm long. This substantial deformation
renders both structures unusable because: 1) the required actua-
tion voltage is much higher than the design value (80 V) and 2)
the up-state switch RF capacitance is considerably higher than

Fig. 10. Simulated warped switch structure (by SUGAR). The maximum
switch deflection is approximately 23�m.

anticipated ( fF, instead of 50 fF). The sacrificial
and seed layers that resulted in such a stress were the polyimide
DuPont PI2545 and an evaporated Ti/Ni (1500/500-) layer, re-
spectively. The switches were then electroplated in an Ni so-
lution (Nickel Sulfamate, Barrett SN by Mac Dermid) with a
steady current density of 4 mA/cmfor approximately 30 min.
The induced stress with this fabrication process was repeatable
over a period longer than six months.

This switch shape under residual gradient stress was also the-
oretically validated using SUGAR.1 Fig. 10 shows the simu-
lated switch shape, which agrees very well with the fabricated
switches. The maximum gradient stress value in the software
was varied until the measured maximum deflection was ob-
tained.

One way to alleviate this problem without increasing the actu-
ation voltage is to selectively increase the switch thickness [28].
In this technique, the main switch body thickness is increased
to 6–8 m, but the springs remain 2-m thick [see Fig. 11(a)].
This process utilizes the following two electroplating steps:

Step 1) The switch and the springs are plated.
Step 2) The switch main body is subsequently plated again

until it reaches a thickness of 6–8m.
Due to some adhesion difficulties between the two plated struc-
tures, the process was slightly changed by plating only a switch
frame during the first step instead of the whole switch [see
Fig. 11(b)]. This improvement resulted in a 98% yield.

The drawback of this technique, however, is that, although it
limits the switch warping to 1–3m and may prove useful for
other types of MEMS devices, it also results in less conformal
switches with lower down-state capacitance than the original
switches.

We experimentally found that a better solution is to sputter
deposit the Ti layer (instead of evaporating) above the sacrifi-
cial layer. More specifically, the Ti sputtering process is per-
formed with The University of Michigan at Ann Arbor sput-
tering tool with a dc source calibrated to deposit 90min
under 7 mT of Ar pressure. The actual deposition is typically
done for 25–26 min, resulting in a film of 2250–2350 of
Ti. After the sputtering process is completed, the sample is im-
mediately (in order to minimize Ti oxidation) taken to the Ni
e-beam evaporator where 500of Ni are deposited. It is also
very important to point out that nothing else is changed in the
process, including the Ni electroplating solution, current den-
sity, and sacrificial layer etching. Furthermore, this process can
be followed with either polyimide or photoresist with negligible
differences.

1[Online]. Available: http://www.bsac.eecs.berkeley.edu/cfm/
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Fig. 11. Fabricated switches with the selective electroplating process. The
adhesion problems of the first switch were solved by increasing the seed layer
area that was exposed to the second plating.

Fig. 1 is one example of the plane switches fabricated with
this process and Fig. 12 shows some details of three more exam-
ples. The switches shown in Figs. 1 and 12(a) are 2-m thick and
suspended over a 40/60/40-m CPW line. Although the latter
switch was fabricated with three meanders instead of one, no
appreciable difference in the warping profile was observed. The
maximum measured deflection (as defined in Fig. 9) for both
of them is approximately 0.5m. This corresponds to less than
0.1% of the main switch length (640m) and does not affect the
RF switch performance since it is strongly localized at the end
of the dc actuation pad.

The improved fabrication process was also tested with
switches only 1-m thick, 680- m long, and 240-m wide. Two
of these switches are shown in Fig. 12(b) and (c). Both switches
include one meander, but in the first one, we have replaced the
straight connecting beams with a second meandering beam.
Evidently both structures are fairly plane and their residual gra-
dient stress is nearly negligible. The first one, however, exhibits
somewhat straighter profile, which is related to the axial residual
stress, analyzed in the following section. This meandering
connecting beam was originally employed to increase the shunt
switch inductance [11], but it also proved useful in releasing the
in-plane switch stress. As for the three short connecting beams,
the slightly less plane switch may not appear very appealing at
first, but it is very useful in limiting the high-frequency up-state
insertion loss because it substantially reduces the up-state
capacitance (by 50%–70%). Furthermore, the pull-in voltage
increase is negligible (both structures actuate with 15–20 V)
because most of the electrostatic force is concentrated on the
ground-plane switch pads. Finally, both structures experienced
some warping along their width, but this did not prove to be

Fig. 12. Very flat switches fabricated with sputtered Ti layer instead of
evaporated. (a) This three-meander switch is 640-�m long, 2-�m thick, its
maximum out-of-plane deformation is less approximately 0.5�m, and the used
sacrificial layer was polyimide. (b) and (c) These switches are 680-�m long,
1-�m thick, and photoresist was their sacrificial layer. Their warping level is
approximately 3�m and is mostly along their short dimension.

a problem. The switches were thin enough that were able to
conform on the dielectric surface in the down state.

B. In-Plane Residual Stress

In-plane residual stress primarily increases the switch spring
constant and is, therefore, essential to control it within reason-
able limits. It was experimentally found [27] that the induced
tensile stress during the fabrication process was in the order of
150 MPa. A first-order approximation that shows the impact of
this stress on the spring constant is analyzed in [29] where the
deflection of a guided-end cantilever is calculated under simul-
taneous axial tension and concentrated transverse loading. The
maximum deflection at the tip of the beam is given by

(12)

Plates are thicker than the meanders 

Switch meander 

The switch pad was formed in 
two steps. First a switch frame 
was plated and then a second 
plating followed. The frame is 
8 |im thick, and the rest of the 
pad is 6 urn thick. 

(a) 

(c) 
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Fig. 13. Spring constant and pull-in voltage as a function of axial residual
stress for a guided-end cantilever with simultaneous axial tension and
concentrated transverse loading.

where is the axial tensile load, is the transverse concen-
trated load at the tip of the beam,is the length of the beam, and

is defined by

(13)

This leads to the following expression for the spring constant:

(14)

Fig. 13 shows the variation of the normalized spring constant
and the associated actuation voltage (with respect to the spring
constant and actuation voltage of zero axial stress) for an axial
tensile stress of 0–300 MPa. This figure clearly demonstrates
the considerable impact of the axial stress on the switch actu-
ation voltage. For instance, a tensile stress of 150 MPa would
increase the pull-in voltage of a switch suspended by four can-
tilever beams by over three times.

The serpentine beams shown in Fig. 2 exhibit higher flexi-
bility in handling the in-plane mean stress than the simple can-
tilever beam. In other words, as the number of meanders is in-
creased, not only is the-directed spring constant reduced, but
also the lateral ones. To show this effect, the- and -directed
spring constants were calculated with a similar process to that
of Section II. The -directed spring constant can be expressed
as

(15)
where and are calculated by

(16)

(17)

Fig. 14. In-plane spring constants of the serpentine spring for various number
of meanders.

Similarly, the -directed spring constant is given by

(18)
where

(19)

(20)

Linear FEM simulations verified the previous formulas and
the results are given in Fig. 14. From this figure, we clearly ob-
serve that the spring constant of the serpentine spring is greatly
reduced as the number of meanders is increased. For instance, a
spring with three meanders is 177 times more flexible along the

-dimension than a spring with one meander. As a result, such a
spring can help release the axial switch stress along its long di-
mension much more effectively than a spring with one meander.
In other words, springs with many meanders are much more ef-
fective as stress buffers than springs with one only one meander.
A similar tendency exists for , which decreases by a factor of
5.2 when the meanders are increased from one to five. These
results provide a qualitative explanation for the trends observed
in Fig. 5.

IV. MEMS SWITCH DYNAMIC BEHAVIOR

Switching speed is one of the few disadvantages of MEMS
components compared to p-i-n diodes and FET transistors.
While their mass is typically very small (in the order of 10to
10 kg), inertia due to mechanical movement still limits their
speed typically in the order of a few microseconds. The fastest
switch thus far has been developed by researchers at the Mass-
achusetts Institute of Technology (MIT) Lincoln Laboratories
[3]. It is a very compact cantilever switch (less than 50-m
long) with a speed of approximately 1s. This very low speed
is primarily due to its very small dimensions, mass, and limited

100       150       200 
Tensile Stress [MPa] 

2 3 4 
Number of meanders 
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Fig. 15. Switching speed measurement setup (courtesy of Gabriel Rebeiz, The
University of Michigan at Ann Arbor).

squeeze-film damping. It does require, however, a high pull-in
voltage of 50–60 V, while it is typically actuated with 70–80 V.
Low-voltage switches are generally expected to be slower since
they typically have to move a relatively large actuation area.
This is particularly true if the switch is expected to operate
in air or another gas environment, such as Nfor limiting the
humidify level around the structure.

The switching speed is measured by recording the change in
the power transmitted through the switch when a step voltage
is applied at the bias of the device (Fig. 15) [30]. The RF input
signal at 40 GHz is provided by an RF synthesizer, while the RF
output signal is recorded by a high-frequency diode detector.
The biasing signal is provided by a suitable combination of
two dc power supplies and an inverter. Fig. 16 presents two
typical measurements taken with this set-up for three-me-
ander switches. The measured switches were suspended a
mean distance of 5 m above the CPW line and the applied
bias voltage was only 20%–30% higher than their actuation
voltage. Both pull-in and release times were measured for these
switches. Pull-in time is the time it takes the switch to touch
the dielectric underneath it. On the other hand, the time that
is required for the switch to move from the down state to its
original height (or within 5% from this value) is defined as the
release time. Fig. 16 shows that the actuation and release times
are approximately 52 and 213s, respectively. However, for
the release time measurement, it takes the switch only 25s to
reach its normal height, but another 190s are needed to settle
within 5% of its original height. It is also interesting to note
that, during the first 30 s of the actuation stage, the switch
does not move significantly. These effects will be discussed in
the remainder of this section.

To explain the experimental results, we employed a simple
one-dimensional (1-D) nonlinear model that has been adopted
by several researchers [17], [31], [32]. This model treats the
switch as a single lumped mass and applies classical Newto-
nian mechanics to predict its behavior under the applied elec-
trostatic force. A model that would accurately predict the dy-
namic behavior of the MEMS structure should integrate a good
understanding of several different phenomena including elec-
trostatics, mechanics, residual stress, contact forces, compress-
ible squeeze film damping, and impact effects on a microscale.
Many of these areas are currently under investigation and there
is not a complete model that would account for all of these ef-
fects. Furthermore, our switch is a relatively large structure that

Fig. 16. Measurements of the switching time for the: (a) up–down and
(b) down–up movements. Due to the diode detector, high-voltage level
corresponds to low RF power and vice-versa.

cannot be perfectly approximated as a lumped mass. Neverthe-
less, the 1-D model can be used for an at least qualitative expla-
nation of the measured switch behavior and provide reasonable
approximations for the switching times.

The following equation of motion if the basic formula for the
1-D model:

(21)

where is the switch mass, is the damping coefficient,
is the switch spring constant in the direction of motion,is
the switch actuation area, is the initial gap, and are the
dielectric layer constant and thickness, respectively,is the ap-
plied dc voltage, is the electrostatic force, and is the con-
tact force when the switch touches the dielectric. Several ap-
proximations may be adopted for calculating the parameters in
this model. For instance, although the viscous damping can be
considered constant for small displacements, this is not the case
when the switch is moving completely toward the substrate. Our
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model for the switching speed calculations is based on the dis-
cussion presented in [31] and [33] where these effects are taken
into account. These equations can be summarized as follows:

(22)

where (23)

(24)

(25)

Equation (24) calculates the switch quality factor and takes into
account the damping dependence on the switch height. If this
is ignored, the second term of the right-hand side should be
replaced by one. Furthermore, the third term reduces the gas
flow resistance underneath the switch because of the slip ef-
fect, where particles can have fewer interactions before escaping
[34]. The variable of this term is the called the mean free path
and is approximately 0.1m at standard temperature pressure
(STP). The damping coefficient, which is related toby (23),
has been derived in [35] for a square plate with areaas

(26)

where is the air viscosity (at STP Pa s). For
the switch dimensions and for a gap of m Pa
s and (for N/m). However, the holes
included in the switch allow the air underneath to escape more
easily, thus reducing the damping coefficient and increasing the

of the structure. Therefore, this value can be considered as a
low bound for the switch quality factor. In fact, our experimental
results suggest a quality factor of about two. The final equation
of the model (25) was used to provide a stable solution to the
simulation when the switch contacts the dielectric layer.

Fig. 17(a) shows the simulated results for the pull-in and re-
lease time. A spring constant of 8.6 N/m (Table II) and an actu-
ation voltage of 25% higher than the pull-in voltage have been
used for these simulations. These simulations provide a valuable
insight in the measured dynamic behavior of the switch. The
pull-in time, for instance, is approximately 50s, from which
approximately 30 s are needed for the switch to move from 5 to
3.5 m. The RF capacitance, however, does not change appre-
ciably between this distance and this explains the relatively long
period that is required to note any difference between the mea-
sured output power level (see Fig. 16). On the other hand, during
the release stage, the switch reaches its original height within
35 s, but 140 additional microseconds are required for stabi-
lization within 5% of its original height. We have also plotted
in the same figure the simulated release time assuming a con-
stant quality factor . Evidently, taking into account the
quality-factor variation versus height is of vital importance for
meaningful simulations.

Fig. 17. (a) Simulated switch pull-in and release times. (b) Comparison of
simulated release times for different values of the quality factor. (c) Comparison
of simulated pull-in times for different values of the quality factor.

The problem of the long stabilization time can be easily cor-
rected by decreasing the quality factor by approximately one.
Fig. 17(b) shows the simulated release time for quality factors
of 2, 1.5, and 1. This figure clearly demonstrates that the re-
lease time can be decreased by more than three times if a lower
quality factor is achieved. This can be done by optimizing the
hole orientation on the main switch structure and by reducing
their number per unit area. This change will not appreciably in-
crease the pull-in time, as shown in Fig. 17(c). For example, for

, the pull-in time will be increased by only 10%, yet the
release time will be reduced by 300%. Consequently, an opti-
mization of the switch holes can lead to a design with switching
times in the order of 50–60s.
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V. CONCLUSIONS

Low-voltage RF MEMS switches have been studied in this
paper. The design, fabrication, and testing of these structures has
been thoroughly discussed and switch designs with as low as
6-V actuation voltages have been measured. Moreover, residual
stress issues associated with this family of switches have been
addressed and it has been experimentally demonstrated that
sputtered seed layer films result in devices with superior per-
formance when compared with evaporated films. Furthermore,
the dynamic operation of low-voltage switches has been experi-
mentally and theoretically characterized and adequate switching
speeds in the order of 50s have been achieved.
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Abstract

In this paper new methods for further reducing the size and/or increasing the bandwidth of a class

of miniaturized slot antennas are presented. In general miniaturized antennas show a small fractional

bandwidth and poor radiation efficiency each of which can seriously limit their applications. In addition,

impedance matching of electrically small antennas is difficult. Recently, a class of miniaturized slot

antennas that shows high efficiency and is easy to match was introduced [4]-[5]. This paper examines

techniques such as parasitic coupling and inductive loading to achieve higher bandwidth and further

size reduction for this class of miniaturized slot antennas. A systematic procedure is developed to

design parasitically coupled antennas at a designated frequency by extracting the coupling coefficient

from a full-wave analysis. It is shown that, if the antenna structure is designed properly, the overall

bandwidth can be increased by more than 100% with respect to a single resonant antenna. The behavior

of miniaturized slot antennas once loaded with series inductive elements along the radiating section is

also examined. The inductive loads are constructed by two balanced short circuited slot lines placed

on opposite sides of the radiating slot. It is shown that the inductive loads can considerably reduce

the antenna size at its resonance. Prototypes of double-antenna structure at 850 MHz and inductively

loaded miniaturized antennas at around 1 GHz are designed and tested. Finally the application of both

methods in a dual band miniaturized antenna is presented. In all cases measured and simulated results

show excellent agreement.
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I. I NTRODUCTION

The current advancements in communication technology and significant growth in the wireless

communication market and consumer demands, demonstrate the need for smaller, more reliable

and power efficient, integrated wireless systems. Entire transceivers integrated on a single chip

are envisioned for future wireless systems. This vision has the benefit of reducing costs and

improving system reliability. Antennas are, of course, inherent parts of any wireless system

and are considered to be the largest components of integrated wireless systems. Antenna minia-

turization and integration is thus an important task towards achieving the optimal design for

integrated wireless systems. The subject of antenna miniaturization is not new and has been

extensively studied by various authors [1]-[3]. Early studies have shown that for a resonant

antenna, as the size is decreased, its bandwidth (BW) and efficiency would also decrease [1]. This

is a fundamental limitation which, in general, holds true independent of antenna architecture.

However, research on the design of antenna topologies and architectures must be carried out

to achieve maximum possible bandwidth and efficiency for a given antenna size. Impedance

matching for small antennas is also challenging which often requires external matching networks.

Therefore antenna topologies and structures which inherently allow for impedance matching are

highly desirable. The fundamental limitation introduced by Chu [1] relates the radiation Q of a

single resonance antenna with its bandwidth. However, whether such limitation can be directly

extended to multi-resonance antenna structures or not is unclear. In fact, through a comparison

with filter theory designing a relatively wide-band antenna may be possible using multi-pole

(multi-resonance) high Q structures. In this paper we examine the applicability of multi-resonance

antenna structures to enhance bandwidth.

Techniques for antenna miniaturization can be categorized into two basic groups including: 1)

antenna miniaturization, using optimal antenna topology [4]-[5] and 2) Antenna miniaturization,

using magneto-dielectric materials [6]-[7]. In pursuit of achieving antenna miniaturization while

maintaining ease of impedance matching and attaining a relatively high efficiency a novel

miniaturized slot antenna was recently presented [4]. Afterwards a similar architecture in the form

of a folded antenna geometry was presented in order to increase the bandwidth of the previous

miniaturized slot antenna [5]. Here we reexamine this topology [4] and propose modifications that

can result in further size reduction and/or significant bandwidth enhancement without imposing
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any significant constraint on impedance matching or antenna gain reduction. In order to improve

the bandwidth of this antenna a dual resonance architecture is examined. Two similar miniaturized

slot antennas (see Figure 1(a)) are considered in order to form a dual antenna structure (see

Figure 1(b)) where one of the elements is fed by a microstrip transmission line and the other

one is fed parasitically by the first antenna. It is shown that the bandwidth of this new double-

antenna configuration is 2.7 times that of the individual constituent antennas. In other words,

by slightly increasing the occupied area of a single miniaturized antenna, the bandwidth can be

increased by a factor greater than two.

A resonant slot antenna, at its first mode of operation, can be modeled with a half-wavelength

transmission line that is short circuited at both ends. It is shown that by using series inductive

elements distributed along the antenna aperture, its size can be reduced considerably. In other

words, the guided wavelength of the resonant slot line is shortened by increasing the inductance

per unit length of the line achieved by loading the line with series distributed inductors. The

size reduction is shown to depend on the number and values of the series inductors. The

technique is first demonstrated using a standard resonant slot antenna (a magnetic dipole) and

then incorporated in the miniaturized antenna topology to further reduce the resonant frequency

without changing the area occupied by the antenna.

The aforementioned techniques for bandwidth enhancement and further size miniaturization

can be used individually or in combinaiton. In what follows, first the design of the miniaturized

antenna with enhanced bandwidth and its simulation and measurement results are presented

(section II). The concept of using distributed inductive loading for antenna miniaturization is

then investigated and the simulation and measurement results are presented (section III). Finally

the combined application of the techniques shown in sections II and III, is presented in section IV.

II. M INIATURIZED SLOT ANTENNA WITH ENHANCED BANDWIDTH

A. Design Procedure

In this section the design of coupled miniaturized slot antennas for bandwidth enhancement

is studied. The configuration of the proposed antenna is shown in Figure 1(b) where two

miniaturized slot antennas are arranged so that they are parasitically coupled. Each antenna

occupies an area of about0.15λ0 × 0.13λ0 and achieves miniaturization by the virtue of a special

topology described in detail in [4]. However, it is shown that this antenna demonstrates a small
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bandwidth (less than1%). A close examination of the antenna topology reveals that the slot-line

trace of the antenna only covers about half of the rectangular printed-circuit board (PCB) area.

Therefore, it is possible to place another antenna, with the same geometry, in the remaining area

without significantly increasing the overall PCB size. Placing two antennas in close proximity

of each other creates strong coupling between the antennas, which if properly controlled can be

employed to increase the total antenna bandwidth. Each antenna can be viewed as a resonator

designed to resonate at a desired center frequency off0 = 850MHz. The resonant frequencies

of the slot antennas are determined by the overall effective slot electrical length with the first

resonance occuring atl = λg/2, whereλg is the guided wavelength in the slot.

As shown in Figure 1(b), only one of the two antenna structures is fed by a microstrip line.

The other antenna is parasitically fed through a capacitive coupling mostly at the elbow section.

In reality, the coupling is a mixture of electric and magnetic couplings that counteract each other.

At the elbow section, where the electric field is large and the electric current in the ground plane

around each slot is small, the slots are very close to each other. Therefore, it is expected that

the electric field coupling is the dominant coupling mechanism. It can easily be shown that the

electric fields in the two antennas are in phase, or equivalently, the magnetic currents are in-

phase and parallel to each other and the radiated far-field is enhanced. If the electric fields were

out of phase, the radiation efficiency would have dropped significantly, rendering the combined

antenna almost useless.

Ideally the return loss,S11, of a well matched single antenna shows a null (−∞ dB) at the

resonant frequency. Similar to the design of a two-pole coupled resonator filter, the two coupled

antennas are to be designed at the same resonance frequencyfr1 = fr2 = f0, wheref0 is the

center frequency andfr1 andfr2 are the resonant frequencies of the two resonators. In this case

theS11 spectral response of the coupled antenna will show two nulls, the separation of which is

related to coupling coefficient between the two antennas. This coupling coefficient can easily be

adjusted by varying the separation between the two antennas. The separation between the two

antennas can be parameterized by two vertical and horizontal parametersd and s as shown in

Figure 2. In order to related ands to the pole separation (S11 nulls), a coupling coefficientkt

can be defined as:

kt =
f 2

u − f 2
l

f 2
u + f 2

l

(1)
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where fu and fl are the frequencies of the upper and lower nulls of return loss. Using this

definition, a large separation between the nulls ofS11 requires largerkt and smaller separation

requires smallerkt. A full-wave electromagnetic simulation tool is used to extractkt as a function

of physical parameterd for a fixeds. Figure 2 shows the dependence ofkt to d for a fixed value of

s = 1mm. By choosing the right value for the coupling coefficient, the nulls can be arranged such

that the overall bandwidth of the antenna increases. Bandwidth maximization is accomplished

by choosing a coupling coefficient so thatS11 remains below -10 dB over the entire frequency

band as the two nulls are separated. Here the resonant frequencies of both antennas are fixed

at fr1 = fr2 = 850MHz, andkt is used as the tuning parameter. However, it is also possible

to changefr1 and fr2 slightly in order to achieve a higher degree of control for tuning the

response. Section IV will demonstrate thatkt, fr1, andfr2 can be used as design parameters to

obtain a miniaturized dual band antenna. The input impedance of a microstrip-fed slot antenna,

for a given antenna slot width, depends on the location of the microstrip feed relative to one

end of the slot and varies from zero at the short circuited end to high resistance at the center.

This characteristic of slot antennas can be used to easily match them to a wide range of desired

input impedances. The optimum location of the feed line can be determined from the full-wave

simulation. In the double antenna example the feed line consists of a 50Ω transmission line

connected to an open-circuited 75Ω line crossing the slot. The 75Ω line is extended by 0.33λm

beyond the strip-slot crossing to couple the maximum energy to the slot and also compensate

for the imaginary part of the input impedance.

B. Fabrication and Measurement

The structures in Figure 1 were simulated using IE3D [9] which is a full wave simulation

software based on Method of Moments (MoM) and generally assumes infinite ground plane and

dielectric substrate. The unknowns in the MoM solution of this problem were the slot electric

fields (magnetic currents) and the electric currents on the microstrip transmission line. Solving

for the magnetic currents reduces the complexity and the time required for simulations but at

the same time limits the capability of the software to calculate conductor losses associated with

the electric currents flowing in the ground plane of the antenna. All antennas were fabricated on

a Rogers RO4350B substrate with the thickness of500µm, dielectric constant ofεr = 3.5, and

tan(δ) = 0.003 with a copper ground plane of33.5×23 cm2. The responses of the single-element
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antenna as well as the double-antenna are presented in Figure 3. The single-element antenna

shows a bandwidth of 8 MHz or nearly 0.9% whereas the bandwidth of the double-antenna is

shown to be 21.6 MHz (2.54%) which indicates a factor of 2.7 increase in the bandwidth. By

choosing a different substrate with different thickness and dielectric constant, it is possible to

increase the overall bandwidth of both antennas. However, it is also expected that the bandwidth

ratio of the double-antenna to the single antenna remains the same. The overall size of the

double-antenna is0.165λ0 × 0.157λ0 which shows a25% size increase when compared to the

size of a single element antenna (0.133λ0 × 0.154λ0). Comparing this bandwidth enhancement

method to that of [5] which uses a folded slot antenna to increase the bandwidth of a miniaturized

slot antenna, the increase in size is smaller (25% versus 34%) while the increase in bandwidth

is higher (2.7 vs. 2).

Radiation patterns of the antenna were measured at the center frequency and the gain of the

antenna was measured at three different frequencies and are presented in Table I. Figure 4 shows

the E- and H-Plane for both co-polarized and cross-polarized radiation patterns. The E- and H-

Plane radiation patterns of this antenna are expected to be dual of those of a short electric dipole.

Figure 4(b) shows the H-Plane radiation pattern which is very much like the E-Plane radiation

pattern of an electric dipole antenna. Figure 4(a) however, does not show a uniform radiation

pattern like the H-Plane radiation pattern of a short electric dipole. This can be attributed to

the finiteness of the ground plane where some radiation comes from the electric currents on

the antenna ground plane at the edges of the substrate. Since there is phase difference between

the electric currents around the slot edge and those at the substrate edge, radiated fields from

these currents interfere destructively causing the deeps in the E-Plane radiation pattern around

θ = ±90◦. The H-Plane pattern is expected to have deep nulls at these angles. Therefore, this

effect is not significant for H-Plane pattern. Table I shows the radiation characteristics of the

double- and single-antenna. It is shown that the gain-bandwidth product of the proposed double-

antenna is significantly higher than that of the single antenna.

III. I MPROVED ANTENNA M INIATURIZATION USING DISTRIBUTED INDUCTIVE LOADING

A. Design Procedure

A slot antenna fed by a microstrip transmission line radiates as a magnetic dipole which is

considered the dual of an electric dipole. This antenna at its first resonance has the length ofλg/2,
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whereλg is the wavelength in the slot. The magnetic current distribution can be modelled by

the field distribution over aλ/2 transmission line short circuited at both ends. A series inductor

in this transmission line reduces its resonant length. For slot lines, insertion of series lumped

elements is not possible. Besides, series lumped elements have a low Q which adversely affects

antenna efficiency (gain). The wavelength in a transmission line (λg) can be made smaller, if the

inductance per unit length of the line is increased. To realize a slot line with higher inductance

per unit length, an array of distributed, short circuited, narrow slot-lines can be placed along

the radiating segment of the slot antenna as shown in Figure 5(b). The impedance of a short

circuited slot line is obtained by:

ZS = jZ0s tan(βgl) (2)

whereβg is the propagation constant,Z0s is the characteristic impedance, andl is the length of

the short circuited slot-line. The characteristic impedance of a slot-line is inversely proportional

to its width [8] therefore by using wider series slots, more inductance can be obtained for a

fixed length of short circuited transmission line. The best location to put series inductors in

a slot is near its end where the amplitude of magnetic current is small. Putting them at the

center of the slot where the magnetic current is at its maximum strongly degrades the radiation

efficiency. It can easily be seen that by increasing the number and value of inductors, the length

of transmission line necessary to satisfy the short circuit conditions at both ends of the slot

decreases.

The size reduction may also be interpreted by considering the electric current distribution in

the conductor around the slot. There are two components of electric current in the ground plane of

slot, one that circulates around the slot and one that is perpendicular to it. The latter is described

by the continuity of the electric current and displacement current at the slot discontinuity. Putting

a discontinuity (a slit) normal to the circulating current path forces the current to circle around

the discontinuity. Hence the electric current traverses a longer path length than the radiating slot

length which in turn lowers the resonant frequency. Figure 5(b) shows a slot antenna loaded

with a number of narrow slits which act as an array of series inductors. These slits are designed

to have a length smaller thanλg/4 so that they behave as inductive elements. The slits carry a

magnetic current whose direction is normal to that of the main radiator. Placing them only on

one side of the radiating slot results in asymmetry in phase and amplitude of the current along
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the slot which could create problems in matching and worsen cross polarization. In order to

circumvent this problem, two series slits are placed on the opposite sides of the main slot. These

slits carry magnetic currents with equal amplitudes and opposite directions. Since the lengths of

these narrow slits are small compared to the wavelength and since they are closely spaced, the

radiated fields from the opposite slits cancel each other. That is, the slits do not contribute to

the radiated far-field.

Matching this slot antenna to the microstrip feed is no different than matching an ordinary

slot antenna. As before, an off-center microstrip feed is used to match the input impedance. The

optimum location and length of the microstrip line are found by trial and error, using full wave

simulations. Here for both slot dipoles (with and without series inductors) the lengths of the

extended microstrip lines are found to beλm/4 whereλm is the wavelength in the microstrip

transmission lines at their respective resonance frequencies. This shows that the imaginary parts

of the input impedances in both cases are relatively small, and by choosing the right location

for the feed line, the input impedances can be directly matched to a50Ω line.

Figure 6 shows a miniaturized slot antenna configuration (similar topology as shown in [4])

loaded with series inductive slits to further reduce its resonant frequency. The antenna without

the series inductors is already small and adding series inductive elements further reduces the

resonant frequency or equivalently the electrical dimensions of the antenna. Instead of using

identical inductive elements along the radiating slot, differently sized inductive slits are used

to cover most of the available area on the PCB in order to maintain the area occupied by the

antenna. The antenna is matched to a microstrip transmission line in a manner similar to the

magnetic dipole described earlier. The feed line is a75Ω open ended microstrip line connected

to a 50Ω microstrip line. The reason for using a75Ω line is its narrow width which allows

for localized feeding. In this case the open circuited microstrip line lengths beyond the slot

crossing are respectively0.3λm and 0.26λm for both the miniaturized antenna and the loaded

miniaturized antenna. This shows that the imaginary parts of the input impedances of both

antennas are relatively small. In the next section the simulated and measured results for these

antennas are presented.
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B. Fabrication and Measurement

The magnetic dipoles with and without series inductors were simulated using IE3D and

fabricated on a500µm thick Rogers RO4350B substrate. Figure 7(a) shows the simulated and

measured return losses for the slot antennas without and with inductive loading. This Figure

shows the dipole resonant frequency and -10dB bandwidth of 2.2GHz, and 235 MHz (10.7%)

respectively. The loaded dipole with the same length as that of the unloaded dipole has a

resonance frequency of 1.24 GHz and a bandwidth of 63 MHz (5%). This result indicates a

44% reduction in the resonant frequency and a similar reduction in the bandwidth, as expected.

The overall size can still be reduced by using longer short circuited slits, if they themselves

could be designed in a compact fashion. The radiation patterns of the small slot antenna were

measured in the anechoic chamber of the University of Michigan and are presented in Figure 8.

It is seen that the cross polarization components in the far-field region in both E- and H-planes

are negligible, thereby confirming the fact that the radiation from the magnetic currents in the

inductive loadings with opposite directions cancel each other in the far-field region.

The miniaturized loaded and unloaded slot antennas were also fabricated using RO4350B

substrate. Figure 7(b) shows the simulated and measured return losses of the loaded and unloaded

miniaturized antennas. It is shown that, by inserting the series inductors, the resonant frequency

of the antenna shifts down from 1116 MHz to 959 MHz (14% reduction). In this design, the

overall PCB size is unchanged. Figure 9 shows the E- and H-Plane co- and cross-polarized

radiation patterns of the loaded miniaturized antenna. The level of cross polarization is found

to be negligible at broadside. The gains of the loaded and unloaded miniaturized slot antennas

(antenna in Figure 6) were also measured in the anechoic chamber using a standard log-periodic

reference antenna and were found to be 0.8 dB and 0.7 dB respectively. Comparing the gain of

loaded and unloaded miniaturized slot antennas with each other, it can easily be seen that using

series elements in the slot does not affect the gain significantly.

IV. D UAL BAND M INIATURIZED SLOT ANTENNA

In this section the techniques introduced in the previous sections are both used in the design of

a dual band miniaturized slot antenna. The geometry of this antenna is shown in Figure 10. The

resonant frequencies of the slot antennas (fr1 andfr2) and the value of the coupling coefficient

(kt) can be used as design parameters to achieve the desired response. Increasing the vertical
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displacement,d, and decreasing the horizontal separation,s, causekt to increase or equivalently

result in a larger separation between the two frequency bands. Small changes in the resonance

lengths of the slots result in slight changes infr1 andfr2 which can be used as a means of fine-

tuning. It should be noted, however, that resonant frequenciesfr1, andfr2 should be close to each

other so that coupling takes place. The dual band behavior of this antenna can be explained by

small modifications in the coupled resonator filter theory. Theoretically the separation between the

two nulls can be very large, but it requires values forkt that are prohibitively large and cannot

easily be obtained using these types of coupled structures where both electric and magnetic

couplings are present and add destructively. In addition to this problem, matching the antenna

at the two bands becomes increasingly difficult. The parameter∆f is defined as a measure of

separation between the two frequency bands:

∆f =
∆f

f0

=
fu − fl

f0

(3)

wheref0 is the center frequency. In practice by changingkt, fr1, andfr2, values of∆f up to

10% can easily be obtained. This architecture is particularly useful for wireless applications that

use two separate frequency bands (different bands for transmit and receive for example) that are

close to each other but still cannot be covered with the available bandwidth of these types of

miniaturized antennas.

In order to reduce the size of the antenna even more, series inductive elements are also used

to reduce the resonance frequencies of each antenna. This way a higher level of miniaturization

can be achieved for a given antenna size. Figure 11 shows the simulated and measured return

loss of such a dual band antenna. The discrepancies between the simulated and measured results

are due to the finiteness of the ground plane as described in [4]. The measured results indicate

an fl = 761.5MHz andfu = 817.5MHz or equivalently a∆f = 7.1%. Matching this antenna

to the microstrip transmission feed is similar to the matching techniques used in the previous

sections, where an off center microstrip is used. The microstrip line is extended by 7 cm over the

slot-strip transition to obtain a good match at both frequencies. The overall size of the structure

is 5.73cm × 5.94cm or equivalently0.145λ0 × 0.15λ0 at the lowest frequency of operation.

Radiation patterns of the antenna are measured and found to be similar to those of the single

element antenna topology.

May 22, 2003 DRAFT



SUBMITTED TO IEEE TRANSACTIONS ON ANTENNAS AND PROPAGATION 11

V. CONCLUSIONS

Two approaches are introduced for increasing the bandwidth and reducing the size of minia-

turized slot antennas. Placing two similar slot antennas in close proximity of each other creates

a coupled resonator structure, the response of which is a function of relative spacing between

the two antennas. The coupled miniaturized antenna can be designed to have more than twice

the bandwidth of a single antenna or to behave as a dual band antenna. It is shown that the

bandwidth can be increased by a factor of 2.7 while increasing the size by only25%. Excellent

agreement between simulation and measured results are shown.

For a fixed resonant frequency, it is shown that adding series inductive elements to a slot

antenna reduces its size. The size reduction is a function of number and values of the inserted

inductive elements. It is demonstrated that using series inductive elements does not adversely

affect impedance matching and antenna gain. This technique is also used in combination with

other miniaturization techniques to further decrease the size of the radiating structure. The tech-

nique is applied to a straight as well as a miniaturized slot antenna and for a given antenna size,

significant reduction in resonant frequencies are observed. Good agreement between simulated

and measured results are shown.

Finally, both techniques are applied to the design of a miniaturized dual band antenna. Series

slits (inductors) are used to reduce the resonant frequencies of each resonator. A large value of

coupling coefficient is used to achieve a large separation between the two nulls in theS11 response

of the parasitically coupled antenna. The values ofkt, fr1, andfr2 are used as design parameters

in order to obtain a miniaturized dual band slot antenna with relatively good simultaneous

matching.
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Type Size Bandwidth Gain

f(MHz) 848 852 860

Double Slot 0.165λ0 × 0.157λ0 2.4% G(dB) 1.5 1.7 1.7

Single Slot 0.133λ0 × 0.154λ0 0.9% 1.5dB

TABLE I

PHYSICAL AND ELECTRICAL PARAMETERS OF SINGLE-ELEMENT AND COUPLED ANTENNAS SHOWN INFIGURE 1.

(a) Single miniaturized slot antenna (b) Double miniaturized slot antenna

Fig. 1. The geometry of single and double miniaturized slot antennas

May 22, 2003 DRAFT



SUBMITTED TO IEEE TRANSACTIONS ON ANTENNAS AND PROPAGATION 13

Fig. 2. Coupling coefficientkt versus vertical displacement parameterd. kt is derived from a number of full-wave simulations

of the coupled antenna.

(a) Coupled antenna return loss (b) Return loss of a single element

Fig. 3. Return losses of coupled antenna and one of the identical single elements that constitute it
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(a) E-Plane (b) H-Plane

Fig. 4. Far field radiation patterns of the coupled double-element miniaturized antenna at 852 MHz

(a) Geometry of a straight microstrip-fed slot antenna (b) Geometry of a straight microstrip-fed slot dipole loaded

with an array of series inductive elements

Fig. 5. Loaded and unloaded straight slot dipoles.
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Fig. 6. Geometry of a miniaturized slot antenna loaded with series distributed inductors (slits).

(a) Return losses of straight loaded and unloaded slot dipoles(b) Return losses of ordinary and loaded miniaturized slot

antennas

Fig. 7. Simulated and measured return losses of the straight slot dipole and miniaturized slot antenna with and without inductive

loading. (see Figures 5 and 6)
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(a) E-Plane (b) H-Plane

Fig. 8. Far field radiation patterns of loaded straight slot antenna shown in Figure 5(b)
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Fig. 9. Far field radiation patterns of loaded miniaturized slot antenna
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Fig. 10. Geometry of dual-band inductively loaded miniaturized slot antenna

Fig. 11. Measured and simulated return loss of the miniaturized dual band slot antenna.
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Introduction 
With the current advancement in communication technology and tremendous growth in 
the wireless communication market and consumer demands, the need for smaller, more 
reliable and power efficient integrated wireless systems is more than ever felt. For future 
wireless devices, implementation of the entire transceivers on a single chip is being 
envisioned with the goal of reducing the cost and making them more affordable. 
Antennas are an inherent part of any wireless system and appear to be the largest 
components of any such system. Antenna miniaturization is then an important task 
towards achieving the integration and miniaturization of wireless communication 
systems. The subject of antenna miniaturization is not new and has been extensively 
studied by various authors [1-3]. Early studies have shown that for a single resonance 
antenna as the size is decreased its bandwidth (BW), if it can be matched, and efficiency 
decrease [1]. This is a fundamental limitation which in general holds true independent of 
antenna architecture. However, research on the design of antenna topologies and 
architectures must be carried out to achieve maximum possible bandwidth for given size 
and examine the applicability of the fundamental limitation on multi resonance antennas.  
Recently, there have been a number of studies on different approaches for antenna 
miniaturization while maintaining a relatively high bandwidth and efficiency. A novel 
miniaturized slot antenna was recently presented [4] and later a similar architecture was 
presented in the form of a folded antenna geometry in order to increase the bandwidth of 
the miniaturized slot antennas [5]. In this paper antenna bandwidth enhancement using a 
dual resonance architecture is examined. Basically the miniaturized slot antenna 
configuration similar to the one used in [4] is considered to form a dual antenna structure. 
In this new configuration one of the elements is fed by a micro-strip transmission line and 
the other one is fed parasitically by the first antenna. It is shown that the bandwidth of 
this new double-antenna configuration is twice the bandwidth of a single antenna that 
occupies the same space. In other words by keeping the same space as the single antenna 
the bandwidth is increased by a factor of two. In the following sections first the design 
steps will be studied and then the simulation and measurement results will be presented.  
 

Double-Slot Antenna Design 
In this section we will study the design of a double-slot miniaturized antenna using the 
configuration of a single slot antenna presented in [4]. This slot antenna [4], whose 
topology is shown in figure 1, occupies a small rectangular section of length a (≈0.15λo) 



and width b (≈0.13λo), however shows a rather small bandwidth (less than 1%). A close 
examination of the antenna topology reveals that the antenna covers only half of the 
rectangular area, and therefore another antenna with the same geometry may be placed in 
the remaining half without significantly increasing the size. Placing two antennas in such 
proximity to each other allows for a parasitic coupling which can be taken advantage of 
to increase the total bandwidth of the antenna (Figure 2a). In this design the two antennas 
are tuned to resonate at f0 by adjusting the overall slot length to an effective length of 
λg/2, where λg is the guided wavelength in the slot. This way, the structure acts like a 
coupled resonator the bandwidth of which is a factor of coupling strength between the 
two resonators. By considering this antenna as a two port network where the second port 
is in free space, its behavior can be explained using the coupled resonator filter theory. 
Here the two antennas are chosen to be identical and their resonant frequency (f0) 
determines the center frequency of the operation. The frequency domain reflection 
coefficient (S11) of this second order system has two distinct zeros with a separation 
proportional to the coupling coefficient. When these two zeros are close to each other, the 
pass-band ripple is small. Conversely as the separation is increased the pass-band ripple 
also increases and as a result the return loss, in the pass-band, deteriorates. Bandwidth 
maximization is accomplished by choosing a coupling coefficient so that S11 remains 
below -10 dB over the entire frequency band as the two zeros are separated. The coupling 
coefficient is controlled by changing the length of the overlap section and the separation 
between the two antennas (d and s in Figure 2b). The coupling is very strong in the 
middle section of both antennas (figure 2a) where the separation, s, is small. The other 
sections of the two slots don’t couple significantly because of the large separation 
between them. For this antenna, as can be seen from Figure 4, the two zeros occur at 
848MHz and 860 MHz and the pass-band ripple is about 0.6 dB, equivalent to a 
maximum S11 of -12dB at the center of the band.  
One of the ways to match a slot antenna to the micro-strip transmission line is to use an 
off-center feed. The input resistance of a slot depends on the location of the micro-strip 
feed relative to the slot and varies from zero in the short circuited edge to a high 
resistance at the center [4]. Therefore the location of strip-slot crossing can be chosen 
such that best impedance match is achieved. Here, the feed is a narrow 75Ω micro-strip 
open circuited transmission line connected to a main 50 Ω micro-strip line. The length of 
the open circuited micro-strip line can be chosen to compensate for the reactive part of 
the input impedance. Here the input impedance is not purely real therefore the 75 Ω line 
is extended by 0.33λm (λm is the wavelength in micro-strip line) after the strip-slot 
crossing to compensate for the reactive part. 
 

Simulation, Measurement, and Fabrication 
The double-slot antenna was simulated using IE3D [6] and fabricated on the Rogers 
RO4350B substrate with the thickness of 500 µm, dielectric constant of 3.5 and tan 
δ=0.003 with a ground plane of 30.5x22.9 cm2. Figure 4 shows the measured and 
simulated return losses of the antenna where a very good agreement is observed. The 
discrepancy between the simulated and measured results is less than 0.46% and is mostly 
because of the finite size of the ground plane. According to measured results the antenna 
has a -10dB bandwidth of 21 MHz or 2.4% which is more than twice the bandwidth of a 
single element antenna. This bandwidth can also be further increased (or decreased) by 
changing the coupling value. Simulation results show that by reducing the overlap 
distance, one can expect a maximum bandwidth of about 25 MHz from this particular 
antenna. Figure 3 shows the simulated and measured return losses of a single element 



used in the double-antenna which shows a bandwidth of 8 MHz or 0.9% and a center 
frequency of 849 MHz.  
The radiation patterns of the antenna were measured in the anechoic chamber of the 
University of Michigan and the H-plane and E-plane radiation patterns are shown in 
Figures 5 and 6 respectively. As can be seen from these figures, the cross-polarization 
level is about -17dB at boresight. The gains of the double-slot and single-slot antennas 
were also measured in the anechoic chamber using a standard reference log-periodic 
antenna and are reported in Table I. The two slot antennas in the double-antenna are 
excited in-phase therefore their equivalent magnetic currents generate in-phase fields 
which will add up in the far field. Therefore the overall directivity of the double-slot 
miniaturized antenna is more than a single element. The current distribution, however, is 
not the same for different frequencies therefore slight changes in radiation pattern and 
directivity occurs over the bandwidth. The double-slot antenna is about 25% larger than 
the single antenna and features a bandwidth which is 2.3 times that of the single antenna. 
In comparison with [5] which uses a folded slot antenna geometry to increase the 
bandwidth, the increase in size is smaller (25% vs. 34%) and the increase in bandwidth is 
larger (2.3 vs. 2). If the size of the double antenna is reduced to the size of the single 
antenna a bandwidth increase of 100% can be achieved without increasing the size.  
 
Table I. Comparison of different parameters between single and double slot antennas 

Type Size Bandwidth Gain  

f (MHz) 848 852 860 Double slot 0.165λ0 x 0.157 λ0  2.4% 
G (dB) 1.5 1.7 1.7 

Single-Slot 0.133 λ0 x 0.154 λ0 0.9% 1.5 dB 
 

Conclusions 
A new approach to increase the bandwidth of miniaturized slot antennas using two 
resonant structures is presented. This is accomplished by placing two antennas in close 
proximity of each other without increasing the area occupied by the antenna substantially. 
It is shown that the bandwidth can be increased by a factor of 2.3 while increasing the 
area by only 25%. It is also possible to change the coupling to get a dual band antenna 
with the same geometry. 
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Figure 1. Geometry of the single 
miniaturized slot antenna and its feeding 
network. 

 
Figure 2b. Coupling area between the 
two antennas. 
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Figure 3. Simulated and measured return 
loss of single antenna. 
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Figure 2a. Double-Slot antenna and its 
micro-strip feed network. 
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Figure 4. Simulated and measured return 
loss of the double antenna. 
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Figure 6. Double slot antenna, E-Plane  
pattern. 
 
← Figure 5. Double slot antenna H-
Plane pattern. 
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Introduction 
Antenna miniaturization is a subject that has been around for a long time. The early 
studies in the subject resulted in a series of theoretical papers describing the fundamental 
limitations on small antennas [1]. As the size of an antenna structure is reduced, it is 
predicted that its bandwidth and efficiency are reduced as well. Despite these qualitative 
limitations, research must be carried out to achieve optimal antenna structures that can 
provide the highest bandwidth and efficiency for a given antenna space available. This 
has become an important research subject in recent years because of high demand for 
compact and power efficient mobile wireless devices. Techniques for antenna 
miniaturization can be categorized into three basic categories including 1) antenna 
miniaturization using optimal antenna topology, 2) Antenna miniaturization using 
magneto-dielectric materials, and 3) Antenna miniaturization using multi-resonance 
radiating structures. A procedure for designing efficient miniaturized slot antennas was 
proposed by Sarabandi [2] in which a special topology is used to achieve miniaturization. 
In this paper we reexamine this topology and propose a modification that can result in 
further size reduction without imposing any significant constraint on impedance matching 
or reduction in the antenna gain. A resonant slot antenna can be modeled with a half-
wavelength transmission line short circuited at both ends. We will show that by using 
series inductive elements distributed along the antenna aperture, its size can be reduced. 
In other words, the guided wavelength of the resonant slot line is shortened by increasing 
the inductance per unit length of the line by loading the line with series distributed 
inductors. The size reduction is shown to depend on the number and value of the series 
inductors. The technique will first be applied to a standard resonance magnetic dipole as 
a means of comparison and then it will be applied to the miniaturized topology used in 
[2] to achieve a lower resonant frequency without changing the area occupied by the 
antenna. In what follows we will first study the design of both antennas and then present 
the simulation and measurement results for them. 
 

Antenna Designs 
A slot antenna fed by a micro-strip transmission line radiates as a magnetic dipole which 
is considered the dual of an electric dipole. It is a simple antenna to analyze and its 
characteristics are well-known. This antenna at its first resonance has the length of λg/2, 
where λg is the wavelength in the slot. The magnetic current distribution can be modeled 
by the current of a λ/2 transmission line short circuited at both ends. A series inductor in 
this transmission line reduces its length at resonance. For slot lines, insertion of series 
lumped elements is not possible. Besides, series lumped elements have a rather low Q 
which adversely affect the antenna efficiency (gain). To realize the effect of series 
inductors, a systematic array of distributed short circuited narrow slot-lines that are 



placed along the radiating segment of the slot antenna. The reduction in size may also be 
interpreted noting that the electric current flows in the conductor around the slot and by 
putting a discontinuity (a series slot) normal to the current path, the current has to circle 
around the discontinuity which creates a longer effective length for the antenna. Figure 1 
shows a slot antenna loaded with a number of narrow slits which act as series inductors. 
These slits are designed to have a length smaller than λg/4 in order to behave as inductive 
elements. They, however, carry a magnetic current whose direction is normal to that of 
the main radiator. Placing of only one slit at a given point along the radiating slot will 
cause significant asymmetry which can result in difficulties in antenna matching and 
generation of cross-polarization. In order to circumvent this problem, two series slits are 
placed on the opposite sides of the main slot. These slits now carry magnetic currents 
with equal amplitudes and opposite directions. Since the lengths of these narrow slits are 
small compared to the wavelength and they are closely spaced the radiated fields from the 
opposite slits cancel each other. That is, the slits will not contribute to the radiated field. 
Matching this slot antenna to the micro-strip feed is no different than ordinary slot 
antennas and standard slot antenna matching techniques can be used. Here an off-center 
micro-strip feed is used to match the input impedance. The micro-strip feed can then be 
grounded after the slot-strip transition or an open circuit quarter wavelength line can be 
used instead. Using an open circuited micro-strip line gives the flexibility to compensate 
for the reactive part of the input impedance by changing the line length. The best location 
and length of the micro-strip line are found by trial and error in the full wave simulations. 
Here for both slot dipoles (with and without series inductors) the lengths of the extended 
micro-strip lines were found to be λm/4 where λm is the wavelength in the micro-strip 
transmission line at their respective resonance frequencies. This shows that the imaginary 
parts of the input impedances in both cases are relatively small and by choosing the right 
location for the feed, the input impedances can be directly matched to the 50Ω 
transmission line feed.  
Figure 5 shows a miniaturized slot antenna designed using the same procedure outlined in 
[2], however the radiating slot is modified by inserting a number of series inductive 
elements. This antenna without the series inductors is already miniaturized but adding 
series inductive elements further reduces the resonance frequency of the antenna. Instead 
of using identical inductive elements along the radiating slot, different size inductive slits 
are used to cover most of the available area on the printed circuit in order to not increase 
the antenna size. The antenna is matched to a micro-strip transmission line in a manner 
similar to the magnetic dipole described before. The only difference is that here the feed 
line is a 75Ω micro-strip connected to a 50Ω transmission line. The reason for using a 
75Ω line is its narrow width which allows for localized and compact feeding. In this case 
the open circuited micro-strip line lengths beyond the slot crossing are respectively 0.3λm 
and 0.26λm for the miniaturized antenna and loaded miniaturized antenna. This shows 
that the imaginary parts of the input impedances of both antennas are relatively small. In 
the next section the simulation and measured results for these antennas are presented.  
 

Simulation, Fabrication, and Measurement 
The magnetic dipoles with and without series inductors were simulated using IE3D [3] 
and fabricated on a 500 µm thick Rogers RO4350B substrate with εr=3.5 and tan 
δ=0.003. Figure 2 shows the simulated and measured return losses for the magnetic 
dipoles. As can be seen the dipole has a resonance frequency of 2.22 GHz and a 10 dB 
bandwidth of 235 MHz or 10.7%. The loaded dipole with the same length as that of the 
unloaded dipole  has a resonance frequency of 1.24 GHz and bandwidth of 63 MHz or 
5%. This result indicates a 44% reduction in the resonant frequency and a reduction in 



bandwidth as expected. The overall size can still be reduced by using longer short 
circuited transmission line loadings if they can be designed in a compact configuration. 
The radiation patterns of the small dipole antenna were measured in the anechoic 
chamber of the University of Michigan and are presented in Figures 3 and 4. It is shown 
that the cross polarization components in the far field in both planes are negligible 
therefore confirming the fact that the radiation from the magnetic currents in the 
inductive loadings with opposite directions cancel each other in the far field. The loaded 
and unloaded slot antennas based on the design given by [2] were also fabricated on the 
same RO4350B substrate. Figure 5 shows the schematic of a loaded miniaturized slot 
antenna (note that the inductive series slits are not identical). Figure 6 shows the 
simulated and measured return losses of the loaded and original miniaturized antennas. It 
is shown that the resonant frequency of the antenna shifts down from 1116 MHz down to 
959 MHz (14% reduction) by inserting series inductors. In this design, the overall printed 
circuit size is unchanged. Figures 7 and 8 show the E-Plane and H-Plane radiation 
patterns of the loaded miniaturized antenna, respectively. The gains for these 
miniaturized antennas were measured in the anechoic chamber using a standard log-
periodic reference antenna and were found to be 0.8 dB and 0.7 dB for the antennas with 
and without series inductors, respectively.  

 
Conclusions 

In this paper the effect of inserting an array of series inductors to a resonant slot antenna, 
on size, bandwidth, and gain of the antenna was investigated. The results show that the 
antenna size can be reduced efficiently without adverse effect on the impedance matching 
and antenna gain. However, as it is expected that the antenna bandwidth is reduced as a 
result of this miniaturization process. The technique was demonstrated using a standard 
and a miniaturized slot antenna and good agreement between simulations and measured 
results were obtained. 
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Figure 7. Far field pattern of the loaded 
miniaturized slot antenna (E-Plane) 

Figure 4. Far field H-Plane pattern of 
the small magnetic dipole 
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Figure 8. Far field pattern of the loaded 
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INTRODUCTION 
Antenna miniaturization for mobile wireless applications has recently drawn a lot of attention. 
This interest is, in part, owing to the ever-increasing demand for numerous applications on a 
single platform, which typically operate at different frequency bands, and therefore, require 
different antennas. In addition to the size of an antenna, power efficiency and cost are among 
other important issues that have to be considered in any antenna design for wireless 
applications. Recently, the authors have proposed a novel miniaturized topology to be used for 
designing miniaturized slot antennas [1]. This structure can provide very small antennas with 
rectangular dimensions as small as (0.05λ0 × 0.05λ0). Figure 1 depicts the layout of this design 
at 300 MHz. In order to increase the bandwidth of the proposed antenna, a new miniaturized 
design, namely, a miniaturized folded-slot structure was proposed [2]. The structure, shown in 
Figure 2, typically has a bandwidth twice as wide as that of the miniaturized slot antenna. In 
addition to their small size, the proposed structures are highly efficient as compared to a typical 
miniaturized antenna. Moreover, the input impedances of these antennas are matched to a 50Ω 
transmission line without introducing any loss in the feed network. The above figures of merit 
associated with the proposed miniaturized structures make a slot antenna a prudent choice for 
wireless applications. However, there is a concern with regard to the ground plane of the slot-
lines and slot antennas, and how the size of slot ground plane can affect the radiation 
characteristics of the antenna. Note that in order for a slot antenna to be dual to its 
complementary dipole antenna through Babinet’s Principle, the ground plane should be 
assumed infinite, which is not realizable except when magnetic current discretization is applied 
in Moment Method simulation [3]. Additionally, the size of the antenna’s ground plane has been 
demonstrated to affect the radiation characteristics and the efficiency of the antenna [4]. In 
essence, [4] asserts that as the size of the ground plane decreases, the gain of proposed slot 
antenna reduces, and its radiation pattern and resonant frequency deviates from that of an ideal 
infinitesimal dipole. Despite these ramifications, the proposed slotted structures are still very 
suitable since in many mobile platforms, such as automotive and military vehicles, a large 
ground plane is readily available. For a system with multiple antennas, a ground plane can be 
shared among different antennas, and therefore, it does not increase the overall size of the 
system. This paper focuses on eliminating the need for a ground-plane when it is not readily 
available. To serve this purpose, a topology dual to the previously proposed miniaturized 
folded-slot is introduced, and will be referred to as a miniaturized printed folded-dipole. A 
prototype of this miniaturized printed antenna has been designed, fabricated, and tested. The 
radiation characteristic of the printed antenna is then compared with its dual structure.  
 

MINIATURIZED PRINTED FOLDED-DIPOLE 
In this paper, we propose a new miniaturized antenna structure which unlike slot antennas, does 
not need a ground plane. Figure 3 shows the layout of a typical printed folded-dipole topology. 



As mentioned before, this structure is a dual to the folded-slot antenna of Figure 2. As 
illustrated in Figure 3, there are two main vertical arms at the center of the structure terminated 
by distributed capacitive loadings. Since the electric current gains its maximum on these two 
center arms, they contribute considerably to the radiation resistance of the structure. In addition 
to these two main arms, the radiation from the capacitive terminations cannot be overlooked. 
The radiation resistance of an infinitesimal dipole with a constant current distribution can be 
calculated analytically [5]. This quantity is multiplied by a factor of four in the case of an 
infinitesimal folded-dipole; that is:    

22 )(804
λ

π l
×=aR           (1) 

Using (1), the radiation resistance of a miniaturized folded-dipole antenna with the length of 
0.055λ0, is calculated to be Ra = 9.55Ω. Obviously, this value is only the contribution of the 
center arms radiating in free space, and the radiation from the loading coils is yet to be included. 
Furthermore, the effect of the dielectric substrate in increasing Ra has to be determined using a 
full-wave simulation [3]. Figure 4 shows the simulated input admittance of the miniaturized 
printed folded-dipole antenna of Figure 3 when fabricated on a 0.762mm thick RT Duroid 5880 
substrate, with dielectric constant of εr = 2.2, and loss tangent of tan δ = 0.0009. The simulated 
input impedance of this structure at resonance can be read from Figure 4 as Ra = 42.7Ω. The 
difference between this value and the one obtained from (1) is owing to the radiation from the 
coiled terminations, as well as the effect of dielectric material to raise the input impedance 
level. This difference emphasizes the need for an accurate full-wave simulation to precisely 
predict the near field characteristics of a miniaturized antenna. For comparison, the simulated 
input impedance of the slot antenna, shown in Figure 2, is regenerated from [2] and illustrated 
in Figure 5. As shown in this figure, the folded slot has a resonance at 337.9MHz with a 
radiation resistance of about 5KΩ. Note that such a high impedance can only be matched to a 
50Ω lime by means of a proper matching network, whereas the printed folded dipole is already 
impedance matched. In the view of the Babinet principle, the input impedance of the two 
complementary structures could have been linked if the dielectric constant of the substrate had 
been set to εr=1, (free space.) Although the Babinet principle calls for free space radiation, it 
provides the designer with a good intuition about the range of input impedances of the two 
antennas on a dielectric substrate. Invoking Booker’s relation gives:  
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Using (2) and substituting Rslot = 5KΩ obtained from simulation, the approximate value for the 
miniaturized printed folded-dipole antenna is found to be Rdipole = 3.23Ω, which is very far from 
the simulated value of Ra = 42.7Ω. The discrepancy comes is owing to the fact that the is not 
radiating in a homogeneous dielectric space where the Equation (2) holds. Thus, there is no 
choice other than using the full wave simulation for the antenna structure. Another advantage of 
the printed miniature topology is that its impedance is very close to 50Ω and no complicated 
matching network is needed. 
 

Antenna Fabrication and Experiment 
The printed dipole antenna requires a balance input to ensure a symmetric current distribution 
on both arms of the antenna. Both lumped element (RF Transformer chips) and distributed 
baluns can be used to transform the unbalanced coaxial feed into balanced coplanar strips 
(CPS), which are ultimately connected to the printed folded-dipole. Figure 6 shows a typical 
Marchand balun [6]. The layout of the antenna with a Marchand balun is illustrated in Figure 7. 
This antenna was fabricated, and its radiation characteristics were measured. This antenna can 
fit within a rectangular area of 0.060λ0 × 0.065λ0 at 336MHz. The simulated and measured 
input return loss of this antenna are compared in Figure 8, where very good agreement is 
observed between the two. However, there is about 1% shift in the resonant frequency, which 



can be attributed to the numerical error and the finite size of the dielectric substrate. The 
measured radiation pattern of this antenna for E and H principle planes were plotted in Figures 
9. It is seen that the E plane pattern of this structure is very similar to that of an infinitesimal 
dipole. In contrast, an asymmetric null appeared in the H plane pattern at θ = −90°, even though 
a constant pattern in the H plane had been expected. This asymmetry emerged because of the 
presence of the balun. The major portion of the observed cross-polarized radiation is believed to 
emanate from feeding cables rather than the antenna itself. The far-field gain of this antenna is 
measured to be –6.5 dBi, which is slightly higher than the value predicted by the simulation. 
Table. I, shows a comparison between both simulated and measured bandwidth of the antenna 
proposed in this paper with two previously proposed miniaturized slot antennas [1]-[2]. 
Obviously, one can see a considerable difference between the efficiency and gain of slot 
antennas and the printed dipole introduced in this paper.  
  

CONCLUSIONS 
A new miniaturized printed antenna was presented as a dual structure to the miniature folded 
slot antenna. This antenna requires neither a ground plane, nor any matching network. 
Considering its size, this resonant antenna had a fairly wide bandwidth. It can be ascertained 
that miniaturized slot antennas exhibit superior efficiency compared to their printed duals, given 
that a large enough ground plane is readily available. 
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Fig. 1. Miniaturized slot antenna [1]. 
 

Fig. 2. Miniaturized folded slot antenna [2]. 

Table. I. Comparison between miniaturized slot and miniaturized folded slot antennas. 
BW (%) Gain (dBi) Antenna Type Size 

sim meas Sim meas 
Directivity 

(dB) 
Miniature slot[1] 0.05λ0 × 0.05λ0 0.058 0.34 1.0 –3.0 1.9 
Folded slot [2] 0.067λ0 × 0.067λ0 0.12 0.93 1.0 –2.7 1.8 
Printed dipole 0.06λ0 × 0.065λ0 0.45 0.70 -7.0 -6.5 2.4 
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Figure 5. The input impedance of the 

miniaturized antenna of Fig. 2 [2]. 
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Figure 6. Marchand balun [6]. 
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Figure. 9. Measured radiation pattern of the 

printed antenna in principle planes. 
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Abstract  —In this paper the concept of a new class of 

miniaturized filters using printed circuit technology is 
presented. The building block of the proposed filter is a 
miniaturized high-Q printed slot-line resonator, which allows 
for the realization of both standard coupled-line and cross-
coupled quasi-elliptic filters. Each resonator occupies an area 
as small as 0.03λ0×0.06λ0 and can be shown to have a Q as 
high as 200 at 2.4 GHz. Analytical, and numerical methods 
are employed to outline a design procedure. An integral 
equation full-wave method is used to macro-model the 
coupling coefficient between two adjacent resonators as a 
function of their relative distance and orientation. Filter 
theory is used to design different filter types. The design 
procedure is validated by comparing the simulated S-
parameters of a two-pole and a four-pole Chebyshev filter 
with those measured from prototypes operating, respectively 
at 515 MHz and 400 MHz. 

I. INTRODUCTION 

With the ever-increasing demand for mobile wireless 
devices, there is a significant interest in low-cost, power-
efficient, and miniaturized active and passive RF 
components. Filters and multiplexers are common 
components of almost all wireless devices. Hence in 
recent years, interest in research into novel filter 
architectures, with an emphasis in filter miniaturization, 
has been renewed [1]-[3].  

In what follows the application of a novel miniaturized 
slot-line resonator which shows a relatively high Q for the 
design of different filter types is considered. The basic 
architecture of these resonators is the basis for a class of 
miniaturized planar antennas considered for integration on 
a wireless chip [4]–[6]. For the antenna design, a specific 
topology was considered to enhance radiation from the 
antenna structure. However, for the application at hand 
the resonator topology is modified so that the radiation 
from different segments of the slot-line resonator would 
cancel each other in the far-field region and thereby a 
high-Q non-radiating resonator is achieved.   

The ultimate goal here is to incorporate a high 
efficiency miniaturized on-chip antenna design with the 
proposed high performance slot-line miniaturized filter to 
achieve a superior RF front-end performance for mobile 

wireless devices. The authors have proposed extremely 
miniaturized slot antenna structures for mobile wireless 
applications, namely, a miniaturized folded slot antenna 
[4], and an inductively loaded miniaturized slot antenna 
[5], which are shown in Figs. 1 and 2, respectively. The 
dimensions of these two antennas are as small as 
0.067λ0×0.067λ0 and 0.05λ0×0.05λ0, respectively. These 
antennas were also shown to be perfectly matched without 

Fig. 2. Schematic of a miniaturized inductively loaded slot 
antenna fed by a microstirp-line. 
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having used any resistive loading, and are therefore, 
highly efficient. The high efficiency of these antennas 
indicates that the proposed slotted structures are very good 
choices for designing low insertion-loss band-pass filters.  

In this paper preliminary results related to the design 
procedure and performance evaluation of the proposed 
miniaturized filters are demonstrated. 

II. DESIGN PROCEDURE 

A band-pass filter may be characterized by a set of 
internally coupled resonators (not necessarily identical) all 
resonating at the same frequency, and an external quality 
factor denoting the input and output couplings. The 
couplings between resonator pairs and the input/output 
coupling are represented by kij, and Qext, respectively. The 
coupling coefficient between two resonator pairs is 
extracted from the full-wave simulation of the two-port 
structure [7], using the pole-splitting method [8]. In the 
pole splitting method, a relationship is established 
between the frequency separation of the poles, and the 
coupling coefficients. Given that fu and fl are the 
frequencies at which the S21 reaches its peak values, the 
coupling coefficients can be obtained from: 

 

22

22

lu

lu

ff
ff

k
+
−

=     (1) 

The external quality factor can be characterized using 
the full-wave simulation of the excited input or output 
resonators. The external coupling can be expressed in the 
form of: 

dB
ext f

fQ
3

0

−

=
δ

,    (2) 

where in the above f0 and δf  are the resonant frequency 
and the –3dB bandwidth of the input and output 
resonators, respectively. The extracted external couplings 
obtained from the full-wave Method of Moment (MoM) 
simulation for slotted structures, however, are not very 
accurate since the size of the substrate and ground plane is 
assumed to be infinite, and also the slot ground plane is 
considered a perfect electric conductor. Thus, the external 
coupling needs to be fine-tuned experimentally. 

III. MINIATURIZED FOLDED-SLOT BAND-PASS FILTER 

Figure 3 shows the schematic of two coupled folded 
miniaturized resonators, which are inductively excited. 
The coupling coefficient of this structure is extracted from 
the full-wave simulation data and plotted in Fig. 3 as a 
function of resonators’ distance (d). Since the two 
resonators are very compact, two different mechanisms 
contribute to the coupling between them, and in general 
both electric and magnetic coupling are present. In this 
configuration, however, the electric coupling is dominant. 
The external couplings of these resonators can be 
controlled by introducing an impedance step between a 
50Ω CPW line and the folded miniaturized slot [1].   

As the first example, a two-pole band-pass Chebyshev 
filter with the fractional bandwidth of ∆=2.5% at the 
frequency of 515 MHz, and pass-band ripple of 0.15 with 
the return loss of less than –15dB is considered. The 
required coupling coefficient and external quality factor of 
this filter is found to be k=0.0317, and Qext=38.02, 
respectively [9]. The coupling coefficient between the two 
resonators can be realized using the data provided in 
Fig.3, and the distance between the two resonators is 
found to be d=4mm.  This filter was fabricated on a 
RT5880 Duroid [10] substrate with εr=2.2, and tan(δ) = 
0.0009.  Fig. 4 shows the photograph of this filter.  
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miniaturized folded slot resonators configuration. 

Fig. 4. Photograph of the two-pole filter at 515MHz. 
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The simulated and measured frequency responses of 
this filter have been compared in Fig. 5, where a very 
good agreement between the two is observed. This filter 
can be fit in a rectangular area of 0.09λ0×0.12λ0. The 
minimum insertion loss of this filter is measured to be 
1.2dB. As mentioned earlier the MoM simulation used 
here cannot model the metallic loss of the structure and 
that is why there is a slight difference between the 
insertion loss predicted by the simulation and the 
measured one. 

III. MINIATURIZED SLOT-LINE BAND-PASS FILTER 

The next example entails a four-pole miniaturized band-
pass filter design, with a bandwidth of ∆=3.0% at about 
390MHz. In this example, the inductively loaded 
miniature resonators [2] are employed. The size of each 
single resonator, used to design this filter, is 
0.032λ0×0.058λ0 where λ0 is the free space wavelength at 
the center frequency. The miniaturized resonator pairs, in 
this filter structure, are coupled in back-to-back and face-
to-face configurations. Each of these configurations has 
been studied, and its corresponding coupling coefficients 
were extracted. Fig. 6(a) and 6(b) show the schematic of 
these two configurations, in addition to the extracted 
coupling coefficients. A slot incision is introduced in the 
face-to-face coupling configuration to reduce the coupling 
between the resonator pairs, without having to increase 
the separation between the pairs, and therefore, to achieve 
a more compact design. Fig. 7 depicts the photograph of 
this filter fabricated on a RT58850 Duroid substrate 
similar to the one used for in the previous example. The 
dimensions of this four-pole filter are as small as 
0.058λ0×0.15λ0 =0.009λ2

0 at the center frequency. A 
comparison of the measured and simulated frequency 
responses of this filter is illustrated in Fig. 8, where a very 

good agreement is observed. In this example, an insertion 
loss of 3.7dB is achieved. Obviously, because of 
introducing an incision in the face-to-face coupling 
configuration, a zero associated with the mixed electric 
and magnetic couplings appears in one side of the 
rejection band. Note that the observed zero here is coming 
from a mechanism different than that for an elliptical 
filter, while in elliptical filters, the pass-band zeros are the 
results of the cancellation of multi-pass signals through 
different resonators. 

V. CONCLUSION 

In this paper, two novel miniaturized slot-line resonator 
structures were proposed. The slot-line and folded slot-
line miniaturized resonators were shown to be excellent 
candidates to design low insertion-loss band-pass filters. 
Moreover, the size of these resonators can be varied 
depending on the magnitude of the inductive loading of 
the resonator with a moderate decrease in the resonators’ 
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Q. Different types of coupling mechanisms, including 
electric, magnetic, and mixed coupling is feasible by 
proximity and only depending on the mutual orientation of 
the resonator pairs.  A few of these coupling 
configurations were characterized and employed to design 
two prototype filters. One was a two-pole band-pass filter 
with a fractional bandwidth of ∆=2.5% at 515MHz and an 
insertion loss of 1.2dB, which only occupies an area as 
small as 0.09λ0×0.12λ0. The other example is a four-pole 
band-pass filter with ∆=3.0% at 400MHz, with an 
insertion loss of 3.7dB, and dimensions of 
0.058λ0×0.15λ0.     
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Fig. 7. Photograph of the four-pole miniaturized slot-line 
filter. 
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Abstract

In this paper the design of a compact, eÆcient and electronically tunable antenna is presented. A

single-fed resonant slot loaded with a series of PIN diode switches constitute the fundamental structure of

the antenna. The antenna tuning is realized by changing its e�ective electrical length, which is controlled

by the bias voltages of the solid state shunt switches along the slot antenna. Although the design is

based on a resonant con�guration, an e�ective bandwidth of 1.7:1 is obtained through this tuning without

requiring a recon�gurable matching network. Four resonant frequencies from 540 to 890 MHz are selected

in this bandwidth and very good matching is achieved for all resonant frequencies. Theoretical and

experimental behavior of the antenna parameters is presented and it is demonstrated that the radiation

pattern, eÆciency and polarization state of the antenna remain essentially una�ected by the frequency

tuning.

Keywords

Recon�gurable antenna, electronic tuning, compact design, resonant frequency, PIN diode switch,

MEMS device.

I. Introduction

With ever-increasing demand for reliable wireless communications, the need for eÆcient

use of electromagnetic spectrum is on the rise. In modern wireless systems spread spectrum

signals are used to suppress the harmful e�ects of the interference from other users who

share the same channel (bandwidth) in a multiple-access communication system and the

self-interference due to multipath propagation. Also spread spectrum signals are used for

securing the message in the presence of unintended listeners and alleviating the e�ects

of communication jammers. One common feature of spread spectrum signals is their

relatively high bandwidth. This is speci�cally true for frequency-hopped spread spectrum

communications system. In a frequency-hopped spread spectrum system a relatively large

number of contiguous frequency slots spread over a relatively wide bandwidth are used to

transmit intervals of the information signal. The selection of the frequency slots for each

signal interval is according to a pseudo-random pattern known to the receiver.

Signal propagation over large distances and in urban and forested environment can

take place at UHF and lower frequencies. At these frequencies, the size of broadband

and eÆcient antennas is considerable. Techniques used to make the antenna size small,

usually renders narrow-band antennas. To make miniature size antennas compatible for a
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frequency-hopped spread spectrum system, we may consider a recon�gurable narrow-band

antenna that follows the pseudo-random pattern of the frequency-hopped modulation.

In this paper the design aspects of compact, planar, and recon�gurable antennas are

considered and the feasibility of such designs is demonstrated by constructing and testing

a planar recon�gurable slot antenna operating at UHF.

Compared to broadband antennas, recon�gurable antennas o�er the following advan-

tages: 1) compact size, 2) similar radiation pattern and gain for all designed frequency

bands, and 3) frequency selectivity useful for reducing the adverse e�ects of co-site inter-

ference and jamming.

In recent years, recon�gurable antennas have received signi�cant attention for their

applications in communications, electronic surveillance and countermeasures by adapting

their properties to achieve selectivity in frequency, bandwidth, polarization and gain. In

particular, preliminary studies have been carried out to demonstrate electronic tunability

for di�erent antenna structures [1-11]. It has been shown that the operating frequency or

bandwidth of resonant antennas can be varied when a tuning mechanism is introduced.

Several interesting approaches are presented by Sengupta [1], [2] and Guney [3]. In the

literature, tuning is accomplished using varactor diodes [4], [5], or by the application of

electrically [6] and magnetically tunable substrates [7], [8] with the use of barium strontium

titanate (BST) and ferrite materials respectively.

Tuning of printed dipole or slot antenna have also been considered since they share

the same advantages of portability, low pro�le and compatibility in integration with other

monolithic microwave integrated circuits (MMICs). Kawasaki and Itoh [9] presented a 1�

slot tunable antenna loaded with reactive FET components. Although the radiation pat-

tern properties were preserved in all resonant frequencies, the tuning range of the resulting

antenna was very limited. Second-resonance cross slot antennas were also presented by

Forman et. al. [10] in a mixer/phase detector system. A varactor diode was used in the

microstrip feed line and the resonance could be electronically tuned over a 10% band-

width. The bandwidth was increased to 45% when mechanical tuning was used by varying

the feed line length. Dipole tunable antennas were proposed by Roscoe et. al [11] where

printed dipoles in series with PIN diodes were studied. The dipole length was varied from
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�=2 to 1� depending on whether the dipoles were o� or on. The operating frequencies

were selected from 5.2 to 5.8 GHz, while matching of only 4{5 dB was achieved.

The slot antenna proposed in this paper utilizes shunt switches that e�ectively change

its electrical length over a very wide bandwidth. To demonstrate the technique a recon-

�gurable slot antenna capable of operating at four di�erent resonant frequencies over a

bandwidth of 1.7:1 is designed and tested. Measurements of the return loss indicate that

excellent impedance match can be obtained for all selected resonant frequencies. No es-

pecial matching network is used and the matching properties are solely determined by

the placement of the switches. The loading e�ect of the PIN diodes in the antenna is

also characterized by a full wave analysis and transmission line theory and comparisons

between the real and ideal switches are also studied. Per design goals, it is demonstrated

that the recon�gurable slot antenna has the same radiation pattern at all frequencies.

Also, the measured radiation patterns agree with the theoretical ones. The polarization

characteristics and the eÆciency behavior of the antenna as a function of frequency are

investigated using both theoretical and experimental data. Finally, some design guidelines

are provided and possible design improvements are discussed.

The strict requirements of a constant input impedance, gain, radiation pattern and

polarization can only be met, if both the passive structure and the tuning mechanism

are carefully designed and e�ectively integrated into the �nal design. Therefore, these

issues are discussed separately. Section II focuses on the passive antenna structure and

its properties. The switching mechanism, its loading e�ect on the antenna and the �-

nal recon�gurable antenna are discussed in Section III. Finally, the measured results are

presented in section IV.

II. Passive Antenna Design

The antenna size at UHF and lower becomes critical and therefore special consideration

is required. A compact planar geometry is best suited since three-dimensional large and

bulky structures are in general undesirable, especially for military applications. Further-

more, some miniaturization techniques have been applied to reduce the size. This section

focuses on the passive slot antenna design issues emanating from the above principles.

First, the miniaturization capabilities provided by a high dielectric constant substrate
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were investigated. Inasmuch as an accurate characterization of its e�ect is needed, a com-

mercially available moment method code [12] was employed. First, simple slot antennas

were simulated at 600 MHz and their resonant length was determined as a function of the

substrate thickness and dielectric constant (Fig. 1). This analysis suggests that even at

low frequencies where the substrate is very thin compared to the wavelength, a miniatur-

ization factor of about 2:1 is possible, if a high dielectric constant substrate is employed.

However, the standard commercially available substrates are electrically thin at UHF and

below and therefore the 2:1 factor seems to be a limit diÆcult to exceed even for substrate

permittivities as high as 10.

In an e�ort to further decrease the total area occupied by the antenna, the slot con�g-

uration was altered from its standard straight form to an S-shape. From the simulated

equivalent magnetic current distribution on the straight and S-shape slots (Fig. 2), it is

obvious that they both closely follow a sinusoidal pattern with the maximum current con-

centrated in the middle of the slot. Other more complicated geometrical shapes can also

be used, but the S-shape slot does not contain any segment supporting opposing currents,

which would considerably deteriorate the radiation eÆciency. It should also be mentioned

that, although the total area of the antenna is greatly reduced by this geometrical change,

the resonant length remains almost unchanged. For example, a resonant length of 136 mm

for a straight slot is slightly increased to 139 mm for S-slot at 600 MHz for a substrate

with �r = 10:2 and thickness of 2.54 mm.

The standard microstrip feed for the simple slot can also be used for the S-shape slot.

Fig. 3a shows the slot antenna with its feed-line, while Fig. 3b presents the input impedance

at the feeding point as a function of frequency. To achieve a good match to a 50
 line,

the microstrip feed line has to be moved close to one end of the slot antenna. This implies

that the antenna input impedance is not very sensitive to small changes in the length of

the longer segment (l2, see Fig. 3a). This property will greatly simplify the design of the

tunable slot and its feeding network and will result in minimum complexity and maximum

reliability for the �nal antenna. More details on this issue can be found in Section III. This

property of the slot antenna makes it an attractive choice as a recon�gurable structure,

since most other antennas (such as dipoles) would require a specially designed matching
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network.

The resonant frequency of the above structure can be tuned by changing the electrical

length of the slot. This may be readily accomplished by introducing a short circuit at a

speci�c location. Then the slot will appear to be shorter and therefore the antenna will

resonate at a higher frequency. Fig. 4 and 5 show these concepts. In Fig. 4 three di�erent

S-shape slots are presented along with their magnetic current distributions. The �rst slot

(a) is the one previously presented in Fig. 2 and it resonates at 600 MHz with a resonant

length of 139 mm. The second antenna (b) is 21 mm shorter and is found to resonate

at 700 MHz. Finally, the third slot (c) is obtained by modifying (a). Basically antenna

(a) is short circuited at 21 mm above its lower end. The simulated return losses for

these three slots are shown in Fig. 5. It is also important to note that the microstrip

feed-line remains unchanged in all three cases. That is, the distance between the top end

of the slot and the feed line cross point remains constant and is equal to 3.2 mm . Fig. 5

shows that very good matching is achieved for both (b) and (c) slot antennas without

the need for modifying the feeding network. In addition, the slot antennas (b) and (c)

have almost identical resonant frequencies. The small di�erence in the resonant frequency

comes from the fact that antenna (c) appears somewhat electrically longer than (b) due

to the parasitic e�ects of the short circuit. Therefore, tunability is possible by introducing

these short circuits with no special matching network.

III. Modeling and Design of Active Antennas

In the previous section we presented the basic principle of controlling the antenna res-

onant frequency. It was also shown that even when a perfect short circuit is used, the

parasitic e�ects of the short can slightly a�ect the antenna performance and particularly

the resonant frequency. The parasitic e�ects become worse when a switch with �nite iso-

lation is used. This section addresses the issues related to the design of a suitable solid

state switch and on the characterization of its e�ects on the antenna performance. Finally,

the complete recon�gurable antenna design is presented at the end of the section together

with its theoretical performance.
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A. Switch Design

To implement the electronic recon�gurability, the ideal shunt switches must be replaced

with PIN diodes. PIN diode's reliability, compact size, high switching speed, small re-

sistance and capacitance in the on and o� state respectively make it most appropriate

for the application at hand. The RF equivalent circuit of the diode is shown in Fig. 6

for both the on and o� states. The reactive components Cp and Lp model the packaging

e�ect, while the others come from the electric properties of the diode junction in the on

and o� positions [13]. Typical values are also given for the HSMP-3860 diode [14] used in

this paper. The computed isolation (de�ned us 1=jS21j
2) for the circuit shown in Fig. 6a

is given by [14]:

� = 10 log

2
6664

�
RdZ0
R2

d
+X2

d

+ 2
�2

+
�

XdZ0
R2

d
+X2

d

�2

4

3
7775 (1)

where Zd = Rd+ jXd is the equivalent impedance of the diode and Z0 is the characteristic

impedance of the line. In the example considered here, the characteristic impedance of

the line is approximately equal to 60
, which is calculated by the moment method code

[12] for a slotline with width of 2 mm, a �nite ground plane of 60 mm (on both sides of the

slot) and a substrate permittivity �r = 10:2 (RT/Duroid) [15]. The isolation computed in

(1) is plotted in Fig. 7 as a function of frequency for the HSMP-3860 diode in the 60


slotline. Although more than 25 dB isolation is possible at low frequencies, it degrades to

17 dB at 600 MHz and only 11 dB at 1 GHz due to the diode parasitic elements. However,

as will be shown, this attenuation is suÆcient for a successful antenna tuning up to 900

MHz (see Section IV).

The switch bias network is presented in Fig. 8. An inductor of 470nH and three 10pF

capacitors are used to improve the RF{DC signal isolation. These values were chosen based

on the bias network RF equivalent circuit shown in Fig. 8b. The simulated performance

for the on and o� states is presented in Fig. 8c. The RF-DC isolation is better than 30

dB for both states and the return loss is less than -20 dB for the o� state. Finally, the

RF-RF isolation is comparable to the one shown in Fig. 7.
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B. Switch loading on the Antenna

Although the switch isolation is important since it determines the frequency selectivity

of the antenna, the switch loading on the antenna is equally important inasmuch as it

a�ects its resonant frequency and input impedance. The loading e�ects must be taken into

account for an accurate prediction of the antenna resonant frequency and input impedance,

especially when more than one switch is used for multi-frequency operation.

A transmission line equivalent circuit that models the loading e�ect of one diode on the

antenna is shown in Fig. 9. The transverse resonant technique [16] states that:

ZR(z
0) + ZL(z

0) = 0 (2)

where ZR(z
0) and ZL(z

0) are the input impedances on the right and left of the reference

point respectively. For the unloaded transmission line in Fig. 9a equation (2) simpli�es to:

tan (�lL) + tan (�lR) = 0 (3)

or

lL + lR = n
�

2
; n = 1; 2; 3 : : : (4)

which is the well known formula for these resonant antennas. Now it is important to see

what happens in the simplest case of having one switch on the antenna. Fig. 9b shows

the equivalent circuit of a transmission line loaded with one switch in the o� position.

Equation (2) becomes then:

[Z0!RC � cot (�lR2)] [tan (�lL) + tan (�lR1)] = 1 + tan (�lL) tan (�lR1) (5)

Equation (5) can of course be solved numerically and an iterative method can be em-

ployed for �nding the unknown lengths until the desired resonant frequency (fR) has been

achieved. A similar procedure can be followed if more than one switch is used on the slot,

but the process becomes a little more complicated if all resonant frequencies are to be

speci�ed. We also need to note that equation (5) does not include any packaging e�ects,

but these can be readily incorporated in the model, resulting in more accurate modeling.

Only the loading e�ects when the switch is in its o� state have been discussed up to

now. Nevertheless, the small on-state resistance also a�ects the antenna performance and
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particularly its input impedance. Full wave analysis was used to model these e�ects. For a

�rst order approximation, the resistance was modeled as a thin �lm resistor on top of the

slot and the packaging parasitic elements were neglected in this analysis. The parasitic

elements e�ect in the on-state can be important especially at the highest frequencies (see

Fig. 7). Fig. 10a shows the simulated geometry of an S-shape slot antenna loaded with

a resistive �lm, which is fed by a microstrip line and the Fig. 10b shows the simulated

return loss versus the switch on-state resistance for four di�erent cases between 0 to 5:6
.

In all four cases the position of the 50
 feed-line was kept unchanged. It is obvious that

the matching level deteriorates rapidly as the resistance value increases, and for resistance

values above 1:5
 the matching level becomes unacceptable.

However, this degradation can be avoided to some extent by elongating the upper end

of the slot as the resistance is increased. Fig. 10c shows the improvement on antenna

matching when the slot length was adjusted. It is found that, in all three cases, only a very

small line segment length needs to be added in order to improve the input impedance of

the antenna. Even for an extreme resistance value of 5:6
 the required line segment length

is less than 3% of the total slot length, resulting in only a small change in the resonant

frequency. This method, maintaining a good impedance match will be utilized later (for

the design of recon�gurable antenna) by placing additional switches (matching-switches)

on the slot above the feed-line and synchronizing them together with the switches at the

other end of the slot (frequency-switches). However, it should be noted that the matching

switches will not represent perfect shorts and they will introduce an extra loading e�ect.

Nonetheless, this e�ect is negligible and matching levels of better than �20 dB can be

achieved, as will be seen next. Therefore, the matching properties of the recon�gurable

antenna will solely depend on the position of an array of switches on the slot and no

matching network will be necessary as frequency changes.

Having discussed the loading e�ects of the switches on the matching properties of the

antenna, their e�ects on the radiation characteristics of the antenna need to be found as

well. Ideally, the radiation eÆciency should be that of the half-wavelength dipole, since

the antenna behaves e�ectively as a �=2 resonant slot at each of its operating frequencies.

However, the resistance of the switches in on states will obviously dissipate power and
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TABLE I

Computed efficiency for slot antennas with a single switch versus on-state resistance

value

R [
] 0 1.4 2.8 5.6

EÆciency [%] 71.8 55.6 45.6 33.9

deteriorate the antenna eÆciency. The dissipated power obviously depends on the diode's

on-resistance and on the number of the switches on the antenna. Table I shows the

computed eÆciency for the antennas previously discussed in Fig. 10. Dielectric loss has

been included in all cases. This explains the non-ideal eÆciency when R = 0
.

The above antenna eÆciency analysis shows that even for a small series resistance of

R = 1:4
 the antenna gain will be approximately 2.5 dB lower than that of an ideal half-

wavelength dipole. This is an inherent drawback of using PIN diode switches. However,

micro-electro-mechanical (MEMS) switches are becoming increasingly important and are

now a viable alternative as they o�er very low power consumption and they come even in

smaller packages. [17], [18]. It has also be shown [20] that capacitive type MEMS switches

exhibit very low ohmic losses and therefore can be used for maximized antenna eÆciency.

However, the required on-capacitance values renders them impractical for UHF frequencies.

Hence metal-to-metal contact, which have no cut-o� frequency must be considered [22].

C. Design Considerations of a Metal-to-Metal Contact MEMS Switch

In this section the speci�cs of a metal-to-metal contact MEMS switch are described. A

slotline MEMS switch architecture similar to the one reported in [18] is especially designed

for the application at hand (see Fig. 11). The switch was originally developed for ultra low

actuation voltage (less than 10V) and low insertion loss. Furthermore, it is well suited for

low power applications, since the reported DC power consumption is in the �W region.

The switch beam is made of electroplated Nickel (Ni) and is suspended approximately

d = 3�m on top of the bottom metal layer (circuit metal layer). This is the standard

up-state of the switch. The beam is connected to the anchor points through thin meander

lines that have been included for low actuation voltage performance [18]. The switch
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actuation takes place when a DC voltage is applied between the switch beam and the DC

actuation pads (see Fig. 11). If the electrostatic force associated with this DC voltage is

suÆciently high, then the switch beam will bent downwards and will introduce a short

circuit through a physical contact with the RF pads. On the other hand, any metal-to-

metal contact between the switch beam and the DC actuation pads would be undesirable,

since it would result in a very high DC current ow that would cause the metals to stick.

Thus, a thin Silicon Nitride layer between the two metals has been deposited as a dielectric

insulator to prevent any DC contact. This is the reason for not connecting the slotline

ground planes and the DC actuation pads. In fact, the slotline ground planes are kept at

the same DC voltage as the switch beam to prevent any DC current ow through the RF

contact areas. The RF contact pads are about 1�m thicker than the circuit metal layer

for a better contact in the down position. The fabrication process is rather complex and

is not discussed here. Interested readers are referred to [18].

The RF equivalent circuits for the up and down states of this switch are shown in

Fig. 12. These equivalent circuits are valid only for low frequencies (below 8 GHz) where

the distributed nature of the switch can be ignored. For higher frequencies, however, the

small transmission line sections between the three movable beams and the air-bridges have

to be taken into account because they will considerably a�ect the switch performance.

In the up-state the switch presents a very small parasitic capacitance in series with a

small inductance. For a �rst-pass design the up-state capacitance can be approximated

using the quasi-static formula of the parallel plate capacitor. A more accurate model can

be obtained with a full wave simulator to account for the fringing �eld e�ects [19]. IE3D

is used in this particular case and an up-state capacitance of CUP = 50fF was calculated

for a distance d = 3�m. Since the RF pads are 1�m thicker than the circuit metal layer,

the e�ective gap for the up-state capacitor in the areas of the RF pads is 2�m. These

calculations show that the up-state capacitance is an order of magnitude lower than that

of the PIN diode considered in the previous section . The series inductance can be also

modeled using full wave simulations [19], [21]. The simulated inductance value for this

structure is 1pH. It is obvious that the up-state equivalent components have negligible

values at UHF or lower and therefore they will not a�ect the performance of the antenna.
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Modeling of the down-state equivalent circuit components appears to be more diÆcult,

due to the uncertainty of the resistance Rp. This resistance includes the ohmic loss of the

metal beam and the contact resistance in the RF pad areas. The ohmic loss is usually small

for this type of switches and is in the order of 0:1
 [19]. However, the contact resistance,

which will be the dominant factor, is diÆcult to predict and it can be more accurately

extracted from S-parameter measurements. In general, contact resistances depend on the

dimensions of the contact area, the conductivity of the metal used for the switch beam

and the contact pads as well as the value of the actuation force. More details can be

found in [23] where it is shown that large actuation forces result in low resistance values.

This implies that the actuation voltage for this switch should be higher than the minimum

value presented in [18].

The development of this switch and the resulting recon�gurable antenna is the subject of

further investigation and therefore estimated values for the components of the equivalent

circuits will be used here to assess the performance of the recon�gurable antenna with this

type of MEMS switches. Nevertheless, based on the previous discussion, the e�ects of using

a MEMS switch instead of a PIN diode are easily recognizable. The fact that the values of

the up-state equivalent circuit components are negligible, will greatly simplify the design

since the non-active switches will not a�ect the antenna resonance frequency. In other

words, the loading e�ect of a non-active switch will be negligible. However, this would

not necessarily hold in a higher frequency design. For example, for a Ka-band or even an

X-band antenna should still have to consider the e�ects of the up-state components, as

well as the previously mentioned distributed e�ects.

The loading e�ects in the down state will also be less severe. First, the power consump-

tion of the active antenna will be considerably lower with MEMS switches, as discussed

before. Second, since the inductance Lpm is three orders of magnitude lower than the PIN

parasitic inductance, the switch isolation will be nearly constant with respect to frequency.

Therefore, a design at a higher frequency can be easily realized without having the limi-

tation of a poor switch performance. Third, if a low RF contact resistance is realized, the

eÆciency of the antenna will be greatly improved. Full wave simulations were performed

with the switch shown in Fig. 11 assuming a contact resistance of 0:5
. The calculated
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TABLE II

Theoretically calculated resonant frequencies using full wave analysis and

transmission line model

fR [MHz] fR [MHz]
Switch Con�guration

(TLN)a (MM)b

542 561 1 = ON 2,3,4 = OFF

596 627 1,4 = ON 2,3 = OFF

688 711 1,3 = ON 2,4 = OFF

1002 950 2 = ON 1,3,4 = OFF

aTransmission Line Model
bMoment Method

eÆciency for the antenna of Fig. 10 is 62.2% which is considerably higher than the one

obtained with the PIN diode implementation.

On the other hand, the switching speed of electrostatically actuated switches is in the

order of a few �sec, while the PIN diode speed is in the nsec region. Nonetheless, this

speed is still rather acceptable in many applications in the wireless communication market.

D. Final Recon�gurable Antenna Design and Properties

Based on the design principles discussed previously, a recon�gurable slot (shown in

Fig. 13a) design is presented here. Four switches are used in order to tune the antenna

over a range of 540 to 950 MHz. Both full wave analysis and the transmission line model

were used in the design process. In this design three frequency-switches and a single

matching-switch are used. Table II summarizes the calculated resonant frequencies and

the conditions of all four switches for each resonant frequency. The transmission line model

has the advantage of allowing fast and accurate (as will be proven later) computation of the

resonant frequencies and can easily incorporate all the diode parasitics. However, the full

wave analysis is essential when an accurate prediction of the antenna input impedance is

needed. In the moment method code, the diodes were simulated as metal-insulator-metal

(MIM) capacitors and as thin �lm resistors in the o� and on states respectively and as a
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TABLE III

Calculated polarization for the reconfigurable antenna

fR [MHz] 561 627 711 950

Angle (Æ) 60 70 60 40

result the packaging parasitics were ignored. This explains the 5% di�erences observed in

the computed resonances between the two models. Fig. 13b shows the calculated return

loss where a matching level of better than �20 dB has been achieved for all the operating

frequencies.

Since at every operating frequency the antenna radiates as a �=2 slot, the radiation

pattern remains unchanged when the frequency is shifted. The E and H-planes of a typical

calculated pattern are shown in Fig. 13c. The same holds for the antenna directivity.

However the eÆciency and the gain will be reduced compared to a half-wavelength dipole

due to the resistive losses caused by the diodes. Fig. 13d shows the calculated gain using the

moment method analysis [12]. The gain is approximately �1 dB for the lowest frequencies

and increases to 1 dB for the highest one. Similar results hold for the antenna eÆciency.

The reference angle of 0Æ represents the boreshight radiation angle. Although the S-

shape pattern considerably reduces the antenna occupied area, it has the inherent draw-

back that the polarization does not remain constant as the frequency is changed. The

antenna polarization (always linear) is determined by the orientation of a segment of the

slot (middle segment), where most radiated �eld is emanated from. However, as Table

III shows, the polarization does not change considerably (variation of about 30Æ). There-

fore, if the orientation of the receiving antenna does follow that of the transmitter as the

frequency is changed, a maximum polarization mismatch of 25% will be incurred. The

orientation of linear polarization reported in Table III is with respect to the x-axis (see

Fig. 13a).

IV. Measurements and Discussion

The recon�gurable antenna designed in the previous section was fabricated on a 100 mil

thick RT/Duroid substrate (�r = 10:2). The size of the ground plane was 5�5 in2.
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TABLE IV

Measured resonant frequencies and the necessary bias voltages for the switches

fR [MHz]
Bias Voltage [V]

S1 S2 S3 S4

537 -20 -20 -20 1.1

603 1.1 -20 -20 1.1

684 0 1.1 -20 1.1

887 0 1.1 1.1 0.2

The �rst task was to measure the resonances and an HP8753D vector network analyzer

was used for the S-parameter measurements. The biasing voltage for the switches was

provided by a DC voltage source. After calibrating the network analyzer the antenna

return loss was measured when di�erent combinations of the switches were activated. The

measured data are presented in Fig. 14, where a return loss of better than �13 dB is

observed at all resonances. The measured resonances are shown in Table IV together with

the necessary biasing conditions. Satisfactory agreement between theoretical, Table II,

and experimental ,Table IV, data is observed. In addition, the transmission line model

gives slightly better results | except the highest frequency | mainly because the para-

sitic reactive elements have been included in this model and not in the moment method

technique. However, this is not true for the highest resonant frequency where an error of

13% exist between the transmission line model and the measurement. This discrepancy

can be attributed to the fact that the properties of the diodes, and particularly the element

values of its equivalent circuit, cannot be assumed constant up to 1 GHz.

A reverse voltage of �20 dB was applied to maintain the switches in o� position and

by doing so a better matching level was achieved. This is an important issue particularly

when the antenna is used as the transmitter. Since the structure is a resonant structure

strong electric �elds are established that can turn the diodes on and o� at the RF frequency

and ruin the small signal design. This e�ect was clearly observed at the lowest resonance

with an input power of 0 dBm. In this case an improvement of about 5 dB was achieved
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by changing 0V bias to �20V. With �20V bias we ensured that the diode remains in the

presence of RF signal.

One more interesting e�ect was observed for the highest resonance. We noticed that

better matching level would occur, if not only S3 but also S2 was forward biased. This

is due to the relatively low isolation that each diode provides at these relatively high

frequencies (see Fig. 7). Therefore biasing S2, results in higher isolation and reduces the

e�ect of leaked magnetic current in the area after the switch. The improvement in the

return loss was approximately 10 dB compared to leaving S2 unbiased for this frequency.

Next, far �eld patterns were measured in the University of Michigan's anechoic chamber.

The E and H-plane were measured as well as the corresponding cross-polarization for

each operating frequency. An RF signal and a DC voltage source were used with the

recon�gurable antenna and a dipole with adjustable length was employed as the receiver's

antenna. The dipole length was appropriately adjusted for each operating frequency of the

transmitting antenna until maximum received power was recorded. In order to �nd the E-

plane, the transmitting antenna was rotated until the electric �eld was vertically polarized.

Then the transmitter, placed on a turn table, was azimuthally rotated for measuring E-

plane cuts. The cross-polarized pattern was measured by rotating the receiver antenna by

90Æ. H-plane pattern measurements were conducted in a similar manner.

Although for slot antennas printed on a substrate it is expected that the radiated power

be higher in the half-space that include the dielectric substrate, no appreciable di�erence

was observed experimentally. This is easily explained since in this case the dielectric thick-

ness is about �=200 at 600 MHz and the size of the ground plane is small (approximately

�=3) at the same frequency. Therefore the antenna is almost bi-directional and equivalent

to a dipole in free space.

The measured data are presented in Fig. 15 for each resonant frequency. In these plots

0Æ denote the direction normal to the ground plane. These measurements show that the

H-plane closely follows the expected sinusoidal pattern. However, some slight asymmetries

near �90Æ exist for almost all frequencies. These discrepancies originate primarily from

two sources. First, parasitic radiation from the cables and the feeding network and second,

radiation from the edges of the dielectric. These sources of radiation also a�ected the E-
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TABLE V

Measured polarization for the reconfigurable antenna

fR [MHz] 537 603 684 887

Angle (Æ) 57 70 55 33

plane pattern measurements and they caused a di�erence of 3{4 dB between the minimum

and maximum measured value. (see Fig. 15). Despite these discrepancies, it is clear that

the far-�eld pattern remains unchanged versus the frequency tuning.

Gain measurements are accomplished using the comparison method [24]. A log-periodic

antenna with 6 dBi gain at 600 MHz was used as a reference antenna for these measure-

ments. The second resonance at 593 MHz was chosen as the operating frequency of the

recon�gurable antenna, so that to make direct comparisons with the reference antenna

possible. To measure the gain, the power received by the receiver dipole at 593 MHz

was recorded when both the reference and the recon�gurable antennas were used in the

transmitting mode inside the anechoic chamber under the same conditions. The mea-

sured gain was found �1.1 dBi, which corresponds to an eÆciency of 47%. These results

closely resemble the calculated data. It should also be pointed out that the gain of the

slot antenna is reduced not only from the forward-biased diode resistance, but also from

the small ground plane size. However, a comparison between the measured and calculated

data reveals that the dominant degrading factor in gain is the dissipated power on the

diodes rather the ground plane size.

Finally, the antenna polarization was measured and the method previously described for

the pattern measurement was employed. The measured polarization orientation at each

frequency is provided in Table V. As discussed before, although the polarization does not

remain absolutely constant as the frequency is changed, the variation range is small and

comparable to the theoretical data (see table III).

V. Conclusions

A novel method for designing a�ordable, compact, recon�gurable antennas is proposed

in this paper. This method relies on changing the e�ective length of a resonant slot antenna
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by controlling combinations of electronic RF switches. Theoretical results for important

antenna parameters were validated experimentally. Important issues involved in the design

of such antennas and guidelines were also discussed. Based on the proposed method, a

compact planar recon�gurable slot antenna was designed, fabricated and measured and a

tuning range of 1.7:1 in the operating frequency was demonstrated. An important feature

of this design, backed by theory and experiments, is that radiation characteristics of this

antenna remain essentially una�ected by the frequency tuning. The design procedure is

general enough that allows wider tuning ranges to be achieved and can be used in many

commercial and military applications.
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Fig. 1. Resonant length at 600 MHz for straight slot antenna (in free-space wavelength) as a function of

substrate thickness and dielectric constant.
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Fig. 2. Computed magnetic current distribution on (a) straight and (b) S-shape �rst-resonant slot

antenna.
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Fig. 3. (a) S-slot antenna with microstrip feed-line and (b) the real and imaginary parts of the input

impedance as a function of frequency.
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Fig. 4. Current distribution for (a) 600 MHz S-slot, (b) 700 MHz S-slot, and (c) 600 MHz S-slot with a

short-circuit 21 mm above its bottom edge.
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Fig. 5. Simulated results for the return loss of the antennas presented in Fig. 4.
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Fig. 6. (a) PIN diode connected as a shunt switch in a transmission line. (b) RF equivalent circuit for

PIN diode including packaging e�ects.
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Fig. 7. Isolation from a shunt diode used as a switch placed in a 60
 line.
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RF performance
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Fig. 9. RF equivalent circuits for determining the resonant frequency of (a) unloaded and (b) loaded

with a single switch slot antenna.
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loss for di�erent values of switch resistance. (c) Improved return loss with minor adjustments (< 4

mm) in the slot length above the feeding point.
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Fig. 13. (a) Recon�gurable slot antenna (units are in mm) (b) Simulated return loss for the four resonant

frequencies. (c) Typical radiation pattern. (d) Simulated gain the four resonant frequencies.
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Fig. 14. Measured resonant frequencies of the recon�gurable antenna.
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Fig. 15. Measured radiation patterns for the four resonant frequencies
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